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thickness of 2000 Å (top), equivalent lumped circuit model (bottom) . . . . 99




A A 2 to 40 GHz Probe Station Based Setup for On-Wafer Antenna Measurements 86




1.1 RF MEMS Technology
The RF MEMS acronym stands for radio frequency microelectromechanical system, and
refers to components of which freestanding or moving sub-millimeter-sized parts provide RF
functionality. RF functionality can be implemented using a variety of passive and active
RF technologies. Besides RF MEMS (passive) technology, ferrite (passive), ferroelectric
(passive), GaAs (active), GaN (active), InP (active), RF CMOS (active), Sb (active), SiC
(active), and SiGe (active) technology are available to the RF designer. Each of the RF
technologies offers a distinct trade-off between cost, frequency, gain, large scale integration,
linearity, noise figure, packaging, power consumption, power handling, reliability, size, sup-
ply voltage, switching time and weight. RF MEMS components offer low insertion loss and
high isolation, linearity, power handling and Q factor, do not consume power, but require a
high supply voltage and in-situ wafer-level, liquid crystal polymer (LCP) or low temperature
co-fired ceramic (LTCC) packaging.
1.1.1 Components
There are various types of RF MEMS components, such as RF MEMS resonators and
self-sustained oscillators with low phase noise [1], RF MEMS tunable inductors [2], and RF
MEMS switches, switched capacitors and varactors. The devices discussed in the disserta-
tion are based on RF MEMS switches, switched capacitors and varactors [3].
RF MEMS switches, switched capacitors and varactors are classified by actuation method



























Figure 1.1: The capacitive fixed-fixed beam RF MEMS switch
or by anchor mechanism (cantilever, fixed-fixed beam). The component shown in Fig. 1.1,
is a center-pulled capacitive fixed-fixed beam RF MEMS switch, developed and patented
by Raytheon in 1993 [4, 5]. A capacitive fixed-fixed beam RF MEMS switch is in essence
micro-machined capacitors with a moving top electrode - i.e. the beam.
From an electromechanical perspective, the component behaves like a mass-spring sys-
tem, actuated by an electrostatic force. The effective mass of the beam is given by (1.1),
m = 0.4 ρ l w t (1.1)
in which l, t, w, are the dimensions of the beam, as shown in Fig. 1.1, and ρ is the mass
density of the beam material. Because the beam is fixed at both ends, the moving mass of
the beam is discounted by 60% [3]. The spring constant, k, is given by (1.2),














in which E, is the Young’s modulus, σ is the residual stress, ν is the Poisson ratio of the
beam material. The electrostatic force, Fe, is a function of the capacitance, C, and the bias
voltage, Vs. Knowledge of k and m allows for calculation of the pull-in voltage, Vp, which








in which A = W w, g0 is the gap between the beam and the dielectric, td is the thickness
of the dielectric, and εd is the dielectric constant of the dielectric. The switching time, ts,
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From an RF perspective, the components behave like a series RLC circuit with negligible
resistance, R, and inductance, L. The up-state capacitance, Cu, is given by (1.5), and the









Cu is assumed to be 40% larger than the parallel plate value due to fringing fields, and
Cd is assumed 35% smaller than the parallel plate value due to surface roughness of the
dielectric [3]. Cu and Cd are in the order of 50 fF and 1.2 pF, which are functional values
for millimeter-wave circuit design. The capacitance ratio, CR = Cd/Cu, is in the order of 30
or higher. A high capacitance ratio is a prerequisite for high isolation. Other examples of
RF MEMS switches are ohmic cantilever switches [6, 7], and capacitive single pole N throw
(SPNT) switches based on the axial gap wobble motor [8].
RF MEMS switched capacitors are capacitive fixed-fixed beam switches with a low
capacitance ratio. RF MEMS varactors are capacitive fixed-fixed beam switches which
are biased below pull-in voltage. RF MEMS switched capacitors and varactors have a
capacitance ratio of about 1.2 to 10. The Q factor, as given by (1.7), is between 20 and 50






RF MEMS fabrication processes allow for integration of thin film resistors (SiCr, TaN),
metal-air-metal (MAM) capacitors, metal-insulator-metal (MIM) capacitors, and RF MEMS
components. RF MEMS components can be fabricated in class 100 clean rooms using 6 to
8 lithography steps, whereas state-of-the-art MMIC and RFIC fabrication processes require
13 to 25 lithography steps. Essential microfabrication steps are:
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Dielectric Layer (MASK 5)
Sacrificial Spacer (MASK 6)
Electroplating (MASK 7)
Beam Definition (MASK 8)
Release & CPD
Electrode Layer (MASK 4)
Bias Lines (MASK 3)
Slot Layer (MASK 2)
Resistor Layer (MASK 1)




Class 100 Clean Room














Fused Silica (εr =3.78, 
h = 10 mil, tan δ = 0.0002)
SU-8
Figure 1.2: RF MEMS fabrication process
• Deposition of the bias lines (Fig. 1.2, step 3)
• Deposition of the electrode layer (Fig. 1.2, step 4)
• Deposition of the dielectric layer (Fig. 1.2, step 5)
• Deposition of the sacrificial spacer (Fig. 1.2, step 6)
• Deposition of seed layer and subsequent electroplating (Fig. 1.2, step 7)
• Beam definition, release and critical point drying (Fig. 1.2, step 8)
RF MEMS fabrication processes, unlike MMIC or barium strontium titanate (BST) fer-
roelectric fabrication processes, do not require molecular beam epitaxy (MBE) or metal
organic chemical vapor deposition (MOCVD). With the exception of the removal of the
sacrificial spacer, all fabrication steps are compatible with CMOS fabrication processes.
1.1.3 Packaging
In-situ wafer-level packaging (chip capping, thin film capping) [9], liquid crystal polymer
(LCP) packaging [10], and low temperature co-fired ceramic (LTCC) packaging for RF-
MEMS components have been developed and characterized. Package design encompasses
4
RF design, thermomechanical design, and design for reliability. Package characterization
includes RF, temperature stability, and hermeticity measurements.
1.1.4 Reliability
Contact region deformation poses a reliability issue for ohmic cantilever RF MEMS
switches, while dielectric charging induced beam stiction poses a reliability issue for ca-
pacitive fixed-fixed beam RF MEMS switches. Anno 2007, commercially-available ohmic
cantilever RF MEMS switches and capacitive fixed-fixed beam RF MEMS switches have
reached a lifetime in excess of 100 billion cycles [11].
1.2 Radar Sensors
Radio detection and ranging (radar) is used to sense angle, range and velocity of (mov-
ing) scatterers in the environment [12, 13, 14]. Radar sensor figures of merit include field
of view in terms of solid angle and maximum unambiguous range and velocity, as well as
angular, range and velocity resolution. Applications of radar sensors include autonomous
cruise control (ACC), autonomous landing guidance (ALG), altimetry, air traffic manage-
ment (ATM), early warning, fire control, forward warning collision sensing (FWCS), ground
penetrating radar (GPR), surveillance, and weather forecasting. Radar sensors are classified
by architecture, radar mode, platform, and propagation window.
1.2.1 Architecture
• Bistatic versus monostatic: Bistatic radars have a spatially-dislocated transmitter
and receiver. Monostatic radars have a spatially co-located transmitter and receiver.
Bistatic radars benefit from increased target visibility due to forward radar cross
section (RCS) enhancement, but lack stereoscopic vision. Bistatic radars are rumored
to be able to detect stealth targets which have virtually no backscatter RCS.
• Electronical versus mechanical scanning: The angle of a target is detected by
scanning the field of view with a highly directive beam. Scanning is done electronically,
by scanning the beam of an array, or mechanically, by rotating an antenna. An
electronically scanned array (ESA), or a phased array, offers several advantages over
5
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Figure 1.3: Active versus passive ESA
a mechanically scanned antenna, such as instantaneous beam scanning, the availability
of multiple concurrent agile beams, and concurrently operating radar modes. Figures
of merit of an ESA are the bandwidth, the effective isotropically radiated power
(EIRP) and the Gr/T quotient, the field of view, and the half-power beamwidth
(HPBW). EIRP is the product of the transmit gain, Gt, and the transmit power, Pt.
Gr/T is the quotient of the receive gain and the antenna noise temperature. A high
EIRP and Gr/T are a prerequisite for long-range detection. Design choices are:
– Active versus passive (see Fig. 1.3): In an active electronically scanned array
(AESA), each antenna is connected to a T/R module featuring solid state power
amplification (SSPA). An AESA has distributed power amplification and offers
high performance and reliability, but is expensive. In a passive electronically
scanned array (PESA), the array is connected to a single T/R module featuring
vacuum electronics devices (VED). A PESA has centralized power amplification
and offers cost savings, but requires low-loss phase shifters.
– Aperture: The aperture of a radar sensor is real or synthetic. Real-beam radar
sensors allow for real-time target sensing. Synthetic aperture radar (SAR) allows
for an angular resolution beyond real beamwidth by moving the aperture over
the target, and adding the echoes coherently.
– Architecture: The field of view is scanned with a highly directive-frequency-
orthogonal (slotted waveguide), spatially-orthogonal (switched beamforming net-
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works), or time-orthogonal beams [15, 16]. In case of time-orthogonal scanning,
the beam of an ESA is preferably scanned by applying a progressive time delay,
∆τ , constant over frequency, instead of applying a progressive phase shift, con-
stant over frequency. Usage of true-time-delay (TTD) phase shifters avoids beam
squinting with frequency. The scanning angle, θ, as given by (1.8)-(1.9), is ex-
pressed as a function of the phase shift progression, β, which is a function of the
frequency and the progressive time delay, ∆τ , which is invariant with frequency:











Note that θ is not a function of frequency. A constant phase shift over frequency
has important applications as well, albeit in wideband pattern synthesis. For
example, the generation of wideband monopulse Σ/∆ receive patterns depends on
a feed network which combines two subarrays using a wideband hybrid coupler.
– Beam forming: The beam is formed in the digital, intermediate frequency (IF),
optical, or RF domain. Digital beam forming (DBF) receivers offer instantaneous
beam forming capabilities limited only by computing power, but require low noise
amplifiers (LNA), mixers and analog to digital converters (ADC) with a wide
dynamic range. Optical beam forming receivers offer TTD beam steering across
large apertures, but suffer from high conversion losses. RF beam forming is the
most common beam forming method and does not require coherent distribution
of the local oscillator (LO) signal across the aperture.
– Construction: An electronically scanned array is a brick, stick, tile, or tray
construction. Brick and tray refer to a construction approach in which the RF
circuitry is integrated perpendicular to the array plane. Tile, on the other hand,
refers to a construction approach in which the RF circuitry is integrated on
substrates parallel to the array plane. Stick refers to a construction approach in
which the RF circuitry is connected to a line array in the array plane.
– Feed Network: The feed network is constrained (corporate, series) or space-fed
(lens, reflect-array).
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– Grid: The grid is periodic (rectangular, triangular) or aperiodic (thinned).
– Polarization: Ground-based radar sensors are vertically polarized in order to
reduce multipath (Brewster angle). All-weather radar sensors are polarimetric.
• FMCW versus pulse-Doppler: The range, R, and radial velocity, v, of a target
are detected through frequency modulation (FM) ranging and range differentiation,
or through pulse delay ranging and the Doppler effect (pulse-Doppler). FM ranging
is based on the measurement of a frequency shift, ∆ f , between the transmitted and







in which c is the speed of light, fm is the maximum frequency shift of the chirp and





Pulse-delay ranging, as given by (1.12), is based on the measurement of the time









in which fD is the Doppler frequency shift between the transmitted and received pulse.
Pulse-Doppler radar sensors are half-duplex, while FMCW radar sensors are full-
duplex. Hence, pulse-Doppler radar sensors provide higher isolation between trans-
mitter and receiver, increasing the receiver’s dynamic range (DR) and the range de-
tection considerably. In addition, an antenna or an array can be time-shared between
transmitter and receiver, whereas FMCW radars require two antennas or arrays, one
for transmit and one for receive. A drawback of half-duplex operation is the existence

























T = 293 K
BW = 200 MHz
G = 6 dB
NF = 4.49 dB
IP3 = 10.41 dBm
SNR = 6.93 dB
DR = 81.43 dB
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Figure 1.4: A passive electronically scanned array with a monopulse feed network
Rb = c (∆τ + ts)/2 (1.14)
in which ts is the switching time of the T/R switch. Pulse-Doppler radar sensors
are therefore more suited for long-range detection, whereas FMCW radar sensors are
more suited for short-range detection. The range resolution, r, is limited by the
instantaneous signal bandwidth, r = c/(2BW ), in both pulse-Doppler and frequency
modulated continuous wave (FMCW) radar sensors.
Extensions for pulse-Doppler radar sensors are:
– Monopulse: Monopulse feed networks are the proverbial cross hairs of the radar
9
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Figure 1.6: Simulated monopulse angle error. θm is the scanning angle.
sensor. A monopulse feed network, as shown in Fig. 1.4, increases the angular
accuracy to a fraction of the beamwidth by comparing echoes, which originate
from a single radiated pulse and which are received in two or more concurrent and
spatially-orthogonal beams. The pulse is transmitted through the sum channel
only. The transmit patterns of the ESA with monopulse feed, shown in Fig.
1.4, are shown in Fig. 1.5(a). Upon reception, echoes are received in both sum
and difference channel which correspond to two concurrent spatially-orthogonal
beam patterns. The monopulse receive patterns of the ESA with monopulse feed,
shown in Fig. 1.4, are shown in Fig. 1.5(b). The monopulse comparator extracts
the angle error, e, from a single echo and feeds it back to the beam steering





in which ~Σ is the echo signal received in the sum channel, and ~∆ is the echo
signal received in the azimuth-difference channel [13].
Spatial orthogonality, and not frequency, polarization or time orthogonality, is
the essence of monopulse, meaning that the echoes are received at the same
time, using the same polarization, and at the same frequency. Sequential lobing
uses time orthogonality, conical scan uses spatial and time orthogonality and
subpulsing uses frequency and time orthogonality. Sequential lobing, conical
scan and subpulsing are easier to implement but yield a lower angular resolution
improvement.
– Pulse compression: Pulse compression derelates the pulse width and the in-
stantaneous signal bandwidth, which are otherwise inversely related. The pulse
width is related to the time-on-target, the signal to noise ratio (SNR) and the
maximum range. The instantaneous signal bandwidth is related to the range
resolution.
– Pulse-Doppler processing: Echoes originating from a radiated coherent burst
are transformed to the spectral domain using a discrete Fourier transform (DFT).
In the spectral domain, stationary clutter can be removed because it has a
Doppler frequency shift which is different from the Doppler frequency shift of
the moving target. The range and velocity of a target can be estimated with
increased SNR due to coherent integration of echoes [17].
1.2.2 Platform
Clutter and environmental conditions are platform-dependent. Mobile platforms require
low power consumption, small size, and low weigth, and represent an opportunity for RF




The radar frequency is selected based on radar sensor size, target range, target RCS,
which is frequency-dependent, and technology readiness level (TRL) considerations. Exam-
ples of propagation windows with low path loss are the 3 GHz (S), 10 GHz (X), 24 GHz
(K), 35 GHz (Ka), 77 GHz (W), and 94 GHz (W) propagation windows.
1.2.4 Radar Mode
Radar modes for point targets, which are electrically-small targets with constant RCS,
include search and track. Radar modes for distributed targets, which are electrically-large
targets with fluctuating RCS, include ground mapping and target classification. The radar
mode sets the radar waveform.
1.3 RF MEMS Technology for Radar Sensors
Tunable antennas and filters for multi-band radios, and passive electronically scanned
arrays and T/R modules for radar sensors, represent an opportunity for RF MEMS tech-
nology.
1.3.1 Antennas
Polarization and radiation pattern reconfigurability, and frequency tunability, are usu-
ally achieved by incorporation of lumped components based on III-V semiconductor tech-
nology, such as single pole single throw (SPST) switches or varactor diodes. However, these
components can be readily substituted for RF MEMS switches and varactors in order to
take advantage of the low insertion loss and high Q factor offered by RF MEMS technology.
In addition, RF MEMS components can be integrated monolithically on low-loss dielectric
substrates, such as borosilicate glass, fused silica or LCP, whereas III-V semiconducting sub-
strates are generally lossy and have a high dielectric constant. A low loss tangent and low
dielectric constant are of importance for the efficiency and the bandwidth of the antenna.
The prior art includes an RF MEMS frequency tunable fractal antenna for the 0.1-6
GHz frequency band [18], an RF MEMS frequency tunable slot antenna for the 2.4-4.6
GHz band [19], an RF MEMS radiation pattern reconfigurable spiral antenna for 6 and 10
GHz [20], an RF MEMS radiation pattern reconfigurable spiral antenna for the 6-7 GHz
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frequency band based on packaged Radant MEMS SPST-RMSW100 switches [21], and an
RF MEMS Sierpinski multiband fractal antenna for 2.4 and 18 GHz [22]. A 2-bit Ka-band
RF MEMS frequency tunable slot antenna is discussed in chapter 3.
1.3.2 Filters
RF bandpass filters are used to increase out-of-band rejection, if the antenna fails to
provide sufficient selectivity. Out-of-band rejection eases the dynamic range requirement of
LNA and mixer in the light of interference. Off-chip RF bandpass filters based on lumped
ceramic, surface acoustic wave (SAW), quartz crystal, and thin film bulk acoustic resonator
(FBAR) resonators have superseded distributed RF bandpass filters based on transmission
line resonators, printed on substrates with low loss tangent, or based on waveguide cavities.
RF MEMS resonators offer the potential of on-chip integration of high-Q resonators and
low-loss bandpass filters. The Q factor of RF MEMS resonators is in the order of 1000-1000
[1].
Tunable RF bandpass filters offer a significant size reduction over switched RF band-
pass filter banks. They can be implemented using III-V semiconducting varactors, barium
strontium titanate (BST) ferroelectric and RF MEMS switches, switched capacitors and
varactors, and yttrium-on-garnet (YIG) ferrites. RF MEMS technology offers the tunable
filter designer a compelling trade-off between insertion loss, linearity, power consumption,
power handling, size, and switching time [23]. Tunable RF bandpass filters based on III-V
semiconducting varactors, such as reverse biased PIN diodes, have a lower switching time,
but a higher insertion loss and lower linearity and power handling [24]. BST ferroelectric
tunable filters currently lack the performance of RF MEMS tunable filters. YIG ferrite fil-
ters, based on magnetostatically-tuned gyrotropic resonance, have lower insertion loss and
switching time, but have a considerable higher power consumption, size and weight.
1.3.3 Phase Shifters
A phase shifter provides a controlled phase shift of the RF signal. Figures of merit of
RF MEMS phase shifters are the number of effective bits (if digital), the loss (if passive),
the group velocity dispersion, the linearity, the phase shift / noise figure or the group
delay / noise figure, the power handling, the reliability, the size, and the switching time.
Loaded-line, reflection, switched-network, and switched-line phase shifters designs have been
13









































(b) EIRP × Gr/T
Figure 1.7: EIRP and EIRP × Gr/T versus number of antenna elements in a passive
subarray
implemented using RF MEMS technology.
RF MEMS phase shifters have enabled wide-angle passive electronically scanned arrays
(PESA) with high effective isotropically radiated power (EIRP), also referred to as the
power-aperture product, and high Gr/T . A high EIRP and Gr/T are a prerequisite for
long-range detection. The EIRP and Gr/T are a function of the number of antenna elements
per subarray, and of the maximum scanning angle θm. The number of antenna elements per
subarray should be chosen in order to optimize the EIRP or the EIRP × Gr/T product, as
shown in Fig. 1.7(a) and Fig. 1.7(b).
Due to the low insertion loss and the high power handling of RF MEMS phase shifters,
a PESA based on RF MEMS technology offers an alternative to the active electronically
scanned array (AESA) solution. The statement is illustrated with examples in Fig. 1.8:
assume a one-by-eight passive subarray is used for transmit as well as receive, with following
characteristics: f = 38 GHz, Gr = Gt = 10 dBi, BW = 2 GHz, Pt = 4 W. The low loss
(6.75 ps/dB) and good power handling (500 mW) of the RF MEMS TTD phase shifters
allow an EIRP of 40 W and a Gr/T of 0.036 1/K. What is the maximum range for which
targets can be detected with 10 dB of SNR at the input of the receiver? The radar range
equation, given by (1.16),
R = 4
√
λ20 EIRP Gr/T σ
64π3 kB BW SNR
(1.16)
in which kB is the Boltzmann constant, λ0 is the free-space wavelength, and σ is the RCS
of the target. Range values are tabulated in Table 1.1 for following targets: a sphere with
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(6.75 ps/dB, 500 mW)
a
a
NANTENNAS = 4  EIRP = 20 W
     EIRP x Gr/T = 0.85 W/K
NANTENNAS = 8  EIRP = 42 W
     EIRP x Gr/T = 1.2 W/K
Phase Fronts
(a = 10 cm)
Figure 1.8: EIRP × Gr/T for a one-by-four and a one-by-eight element passive subarray
Table 1.1: Maximum detectable range (SNR = 10 dB)
(m2) Range (m)
Sphere 0.0314 10
Rear of car 20 51
Dihedral corner reflector 60.9 67
Fighter jet 400 107
a radius, a, of 10 cm (σ = π a2), a dihedral corner reflector with facet size, a, of 10 cm (σ
= 12π a4/λ2), the rear of a car (σ = 20 m2) and for a contemporary non-evasive fighter
jet (σ = 400 m2). A Ka-band hybrid ESA capable of detecting a car 100 m in front and
engaging a fighter jet at 10 km can be realized using 2.5 and 422 passive subarrays (and
T/R modules), respectively.
The usage of TTD phase shifters instead of RF MEMS phase shifters allows ultra-
wideband (UWB) radar waveforms with associated high range resolution, and avoids beam
squinting or frequency scanning. TTD phase shifters are designed using the switched-
line principle [25, 26, 27] or the distributed loaded-line principle [28, 29, 30, 3, 31, 32, 33].
Switched-line TTD phase shifters are superior to distributed loaded-line TTD phase shifters
in terms of time delay per decibel noise figure (NF), especially at frequencies up to X-band,
but are inherently digital and require low-loss and high-isolation SPNT switches. Dis-
tributed loaded-line TTD phase shifters, however, can be realized analogously or digitally,
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and in smaller form factors, which is important at the subarray level. Analog phase shifters
are biased through a single bias line, whereas multibit digital phase shifters require a paral-
lel bus along with complex routing schemes at the subarray level. In addition, usage of an
analog bias voltage avoids large phase quantization errors, which deteriorate the EIRP and
beam-pointing accuracy, and elevate the sidelobe level of an electronically scanned array
[15].
The prior art, as shown in Fig. 1.9, includes an X-band continuous transverse stub (CTS)
array fed by a line array of sixteen 5-bit reflect-type RF MEMS phase shifters, demonstrated
by Raytheon in 2002. The ESA scans 90◦ in the H-plane, but the reflect-type phase shifters
make the design narrow-band [34, 35]. A 2-D time-delaying lens consisting of parallel-plate
waveguides and featuring 250,000 RF MEMS switches was demonstrated by Radant MEMS
in 2006. The lens is illuminated with a transverse electromagnetic (TEM) wave and TTD
phase shifting is achieved by periodically loading the parallel-plate waveguides with tunable
capacitive LCP diaphragms based on hermetically packaged RF MEMS switches [36]. Both
radar sensors operate at X-band and are based on ohmic contact RF MEMS switches. A
switched beam forming network (BFN) based on an RF MEMS SP4T switch and a Rotman
lens, was demonstrated by Bosch and IMEC in 2006 [37]. As discussed in chapter 4, the
transmit power and EIRP of a switched BFN are limited by the power handling of the
SPNT switch. Chapter 5 discusses an analog RF MEMS slotline TTD phase shifter for a
2-D time delaying lens.
1.3.4 T/R Modules
Following RF MEMS devices could be used within a T/R module, as shown in Fig. 1.10:
• RF MEMS limiter: RF MEMS limiters could be used to protect the LNA.
• RF MEMS T/R switch: RF MEMS T/R switches could replace the ferrite circula-
tors, which occupy a large area. However, the high switching time drastically increases
the blind zone, as given by (1.14). To date, RF MEMS T/R switches could only be
used in low PRF and medium PRF radar waveforms for long-range detection, which
use pulse compression and therefore have a duty cycle in the order of microseconds.
Scaling of the critical dimensions of RF MEMS components, as discussed in chapter
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Figure 1.9: TTD beamformers
• RF MEMS TTD phase shifter: RF MEMS TTD phase shifters are passive and
reciprocal. As such, the use of RF MEMS phase shifters simplifies the T/R module
design, as shown in Fig. 1.10, because less SPDT switches are required between the
three ports of the T/R module to route the RF signal through active and unidirectional
phase shifters [38].
• RF MEMS tunable matching network: RF MEMS tunable matching networks
could be used to maintain maximum transmit power while scanning, by load-pulling
the power amplifier in order to cope with a changing active element impedance [39, 40].
1.4 Overview of the Thesis
This thesis discusses RF MEMS technology for millimeter-wave radar sensors.
Chapter 2 discloses a self-aligned fabrication process for capacitive fixed-fixed beam RF
MEMS components. It enables scaling of the critical dimensions and reduces the number of
processing steps by 40% as compared with a conventional RF MEMS fabrication process.
RF MEMS varactors with beam lengths of 30 µm are demonstrated using the self-aligned






















Figure 1.10: RF MEMS devices in a T/R module
as well. At 20 GHz, the measured capacitance values range between 180.5 fF and 199.2
fF. The measured capacitance ratio is 1.15, when a driving voltage of 35 V is applied, and
the measured loaded Q factor ranges between 14.5 and 10.8. The measured cold-switched
power handling is 200 mW.
Chapter 3 discloses a 2-bit Ka-band RF MEMS frequency tunable slot antenna. It is
demonstrated on a fused silica wafer using a micro-fabrication process requiring 6 masks.
The return loss and gain for each of the 4 states are measured using a probe station based
setup for on-wafer antenna measurements. The antenna has a measured tunable bandwidth
of 6.8 GHz. The average measured gain is 1.74 dBi, and the average measured cross-
polarization is -9.22 dBi. The extracted switching time is 5.19 µs for a drive voltage of 45
V.
Chapter 4 discloses a high-power X-band differential RF MEMS SPST switch which is
an ideal candidate for integration in the SPNT switches of switched BFNs. SPNT switches
are used to scan the beam of switched BFNs, based on, for example, the Butler matrix
or the Rotman lens, by commutating between the N beam ports. Switched BFNs are
passive ESAs of which the power-aperture product at X-band is limited by the linearity
or the power handling, and the insertion loss of the SPNT switch. The switching time is
set by the burst time of the radar waveform or by the time-on-target of the radar mode,
which are usually in the order of milliseconds. Usage of the presented SPST switches
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therefore dramatically improves the power-aperture product, with virtually no downside.
The discussed SPST switch has a simulated cold-switched power handling of 10 W, and
demonstrates high measured isolation (> 70 dB from 8-12 GHz) in the OFF-state, as well
as low measured insertion loss (< 1 dB from 8-12 GHz) in the ON-state. The measured
pull-in voltage is between 25 and 30 V and the simulated switching time is 6.6 µs.
Chapter 5 discloses an analog RF MEMS slotline TTD phase shifter, for use in con-
junction with tapered slot antennas, such as the Vivaldi aerial and the double exponen-
tially tapered slot antenna. The design is a scalable distributed loaded-line cascade of 62
novel differential slow-wave unit cells. Each differential slow-wave unit cell comprises an
electrically-short slotline section, which is loaded with a shunt impedance consisting of two
center-pulled contactless fixed-fixed beam RF MEMS varactors in series, sharing a common
electrode. The analog RF MEMS slotline true time delay phase shifter is demonstrated on
a borosilicate glass wafer using a micro-fabrication process requiring 6 masks. It is designed
for transistor to transistor logic (TTL) bias voltage levels and exhibits a measured phase
shift of 28.2◦/dB (7.8 ps/dB) and 59.2◦/cm at 10 GHz, maintaining a 75 Ω differential
impedance match (S11dd < -15.8 dB). The input third-order intercept point (IIP3) is 5 dBm
at 10 GHz for a ∆f of 50 kHz, measured in a 100 Ω differential transmission line system.
Design and fabrication opportunities, concerning distortion and loss reduction, as well as
packaging, are highlighted.
Chapter 6 discloses a 94 GHz orthogonal frequency division multiplexing (OFDM) fre-
quency scanning radar (FSR) for autonomous landing guidance, which is a novel phased ar-
ray concept. The invention juxtaposes commercially-available waveguide components, such
as a wide-angle helical waveguide-fed slot array and vacuum electronics devices (VEDs),
with emerging technologies such as OFDM ultra wideband (UWB) transceivers.
The first appendix discusses a 2 to 40 GHz probe station based setup for on-wafer
antenna measurements. The setup allows for measurement of return loss and radiation
patterns of an on-wafer antenna - henceforth referred to as the antenna under test (AUT),
radiating at broadside and fed through a coplanar waveguide (CPW). It eliminates the need
for wafer dicing and custom-built test fixtures with coaxial connectors or waveguide flanges
by contacting the AUT with a coplanar microwave probe. In addition, the AUT is probed
exactly where it will be connected to a transceiver IC later on, obviating de-embedding of
the measured data. Sources of measurement errors are related to calibration, insufficient
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dynamic range, misalignment, forward scattering from nearby objects, and vibrations. The
performance of the setup is demonstrated from 2 to 40 GHz through measurement of an
on-wafer electrically small slot antenna (λ0/35 × λ0/35, 3.5 × 3.5 mm2) radiating at 2.45
GHz and an aperture coupled microstrip antenna (2.4 × 1.7 mm2) radiating at 38 GHz.
The second appendix discloses a 2.45 GHz electrically small slot antenna (λ0/35 ×
λ0/35, 3.5 × 3.5 mm2). Miniaturization is achieved through symmetric inductive loading
of an electrically small slot section. It is fabricated on a low-loss fused silica wafer through
a back-etch of a 5000 Å golden metal film, which is 31.5% of the skin depth at 2.45 GHz.
The measured bandwidth is 106 MHz and the measured gain is -15 dBi. The theoretical
Wheeler-Chu-McLean limit for the gain of a λ0/35 × λ0/35 electrically small antenna with
a similar Q factor is -9.6 dBi.
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CHAPTER 2
A Self-Aligned Fabrication Process for Capacitive
Fixed-Fixed Beam RF MEMS Components
2.1 Introduction
The introduction of the self-aligned polysilicon gate [41] and the self-aligned titanium
silicide process, which silicides the source and drain regions as well as the polysilicon gate si-
multaneously [42], allowed for further scaling of complementary metal oxide semiconductor
(CMOS) transistors [43]. In addition, the self-aligned polysilicon gate and self-aligned silici-
dation, or salicidation, fabrication process reduced cost by lowering the number of necessary
lithography steps. In imitation of the salicide fabrication process, this paper proposes a self-
aligned fabrication process for capacitive fixed-fixed beam RF MEMS components based
on self-aligned dielectric and sacrificial spacer. Anno 2008, the market potential of RF
MEMS is still limited by cost, packaging and reliability issues [44]. The self-aligned fabrica-
tion process reduces the number of processing steps by 40% compared with a conventional
RF MEMS fabrication process. In addition, scaling of RF MEMS components offers the
potential of reliable sub-microsecond switching [45, 46].
Electrostatically actuated RF MEMS components are commonly classified by contact
mechanism - i.e. ohmic versus capacitive, and by anchor mechanism - i.e. cantilever beam
versus fixed-fixed beam [3, 11]. Capacitive fixed-fixed beam RF MEMS components are
further classified by capacitance ratio, which is the ratio of the down-state capacitance
and the up-state capacitance. Capacitive fixed-fixed beam RF MEMS switches have a
capacitance ratio in excess of 30, and are used in routing applications. RF MEMS switched
capacitors have a capacitance ratio of 2 to 10, and the capacitance of RF MEMS varactors
21
ELECTRODE
(110 x 12 µm,
9.16 sq)
ANCHOR







0.58 x 0.26 mm
(a) (b)
(c)
BEAM LENGTH (l = 30 µm)
Figure 2.1: Top view (a), cross section (b), and wafer imagery before anchor layer deposition
(c) of the 4 by 4 RF MEMS varactor bank.
can be tuned to 120% of its up-state value. Both components are used to tune device
characteristics. Applications of capacitive fixed-fixed beam RF MEMS components include
phase shifters [31, 32, 33], tunable antennas, filters [47], matching networks [39, 48] and
resonators for voltage-controlled oscillators. Table A.1 summarizes the characteristics of
state-of-the-art fabrication processes for capacitive RF MEMS components [4, 30, 49, 50,
45, 46].
2.2 Design
In order to maintain a functional reactance for circuit design at 20 GHz, a 4 by 4
RF MEMS varactor bank is designed, comprising 16 scaled fixed-fixed beam RF MEMS
varactors, connected in parallel and fed by a 4-way coplanar waveguide (CPW) power
divider, as shown in Fig. 2.1. The 4 by 4 RF MEMS capacitor bank is fed through a 50 Ω
CPW with 35/60/35 µm dimensions, and fabricated on a high-resistivity silicon wafer (εr
= 11.9, h = 500 µm, tan δ = 0.006), which is covered with 1.5 µm of silicon oxide (εr = 4.1,
tan δ = 0.0017).





































































































































































































































































































































































































length, are given in Table 2.2. The center-pulled fixed-fixed beam RF MEMS varactors





in which A = W w. The up-state capacitance, Cu, as a rule-of-thumb, is assumed to be 40%
larger than the parallel plate value due to fringing fields [3]. The beam’s spring constant,
k, is 89.9 N/m using (2.2),














in which E, ν, and σ are the Young’s modulus, the Poisson ratio and the residual stress
respectively of the golden beam. The pull-in voltage, Vp, is the bias voltage for which beam
buckling occurs, and is hand-calculated to be 31.2 V using (2.3),
Vp =
√














with ωm the mechanical resonant frequency, m = 0.4 ρ l w t the effective mass of the beam
and Vs the driving voltage. The simulated S-parameters, as well as capacitance and Q
factor, will be discussed in the Measurement section.
2.3 Fabrication
Fabrication processes based on surface micro-machining techniques [52, 53, 54, 55], in
general, can be realized on any polished dielectric or high-resistivity semiconductor sub-
strate. Conventional fabrication processes for center-pulled capacitive fixed-fixed beam RF
MEMS switches, switched capacitors and varactors, as described in [5, 30, 3, 32, 45], require
at least 5 masks. The proposed self-aligned fabrication process requires only 3 masks and
1The Young’s modulus, E, the Poisson ratio, ν, and the mass density, ρ, of gold are: 78 GPa, 0.44 and
19.3 g/cm3 respectively. The resistivity of gold is 2.44 µΩ cm and the resistivity of aluminum is 2.65 µΩ
cm.
2The residual stress is calculated as a plug in (2.3). A-posteriori knowledge of Vp, allows for estimation
of σ.
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Table 2.2: Simulated parameters of the center-pulled fixed-fixed beam RF MEMS varactor
Parameter Value Parameter Value
Air Gap, g0 0.4 µm Dielectric Thickness, td 2000 Å
Beam Holes No Drive Voltage, Vs 50 V
Beam Length, l 30 µm Electrode Area, A 240 µm2
Beam Material1 Au Electrode Width, W 12 µm
Beam Thickness, t 3000 Å Residual Stress2, σ 100 MPa
Beam Width, w 20 µm
Effective Mass, m 1.4 pkg Spring Constant, k 89.9 N/m
Mech. Res. Freq., fm 1.3 MHz Switching Time, ts 354.6 ns
Pull-In Voltage, Vp 31.2 V Up-State Capacitance, Cu 7.0 fF
approximately 40% fewer processing steps. The three masks are used for definition of the
electrodes, the beams and the anchors of the capacitive fixed-fixed beam RF MEMS compo-
nents. Both fabrication processes allow for monolithic construction of air bridges, integrated
thin film resistors and metal-insulator-air-metal capacitors as well. The two aforementioned
fabrication processes are compared below.
2.3.1 Conventional Fabrication Process
The conventional fabrication process is illustrated in Fig. 2.2(a). It consists of the
following steps:
1. The electrode layer is defined through a wet back-etch of a 100/2000/100 Å thick film
of evaporated Ti/Au/Ti.
2. The dielectric layer, used to insulate the electrode, is defined through a buffered
hydrofluoric acid (BHF) back-etch process of a 2000 Å thick film of plasma enhanced
chemical vapor deposition (PECVD) silicon nitride with a dielectric constant of 7.6.
At 380◦ C, the PECVD is the highest temperature process step. The breakdown
voltage of PECVD silicon nitride is 50 V/kÅ.
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Electrode Layer (MASK 1)
Dielectric Layer (MASK 2)
Sacrificial Spacer (MASK 3)
Electroplating (MASK 4)
Beam Definition (MASK 5)
Release & CPD
Au 
(te = 0.2 µm)
Si
Si3N4
(td = 0.2 µm)
PMMA 
(g0 = 0.4 µm)
L
Au
(tb = 0.3 µm)
Al (ta > 0.7 µm)
Electrode Layer (MASK 1)
Anchor Layer (MASK 3)
Release & CPD










Before Anchor Layer Deposition
(a) Convential (b) Self-Aligned
Figure 2.2: Comparison of the conventional and self-aligned RF MEMS fabrication process.
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(a) Beams of RF MEMS varactors (b) Anchor of an RF MEMS varactor
Figure 2.3: SEM imagery
3. The sacrificial spacer is defined through a back-etch of a 2 µm thick film of spin coated
Microchem 950PMMA A9. The reactive ion etcher (RIE) is used for the back-etch,
using a 500 Å thick on-wafer mask of evaporated Ti. The major advantage of PMMA
as a sacrificial spacer over conventional photo resists is that it reflows conformally
after spin coating, making the beams flatter and avoiding mechanical failure due to
vertical steps.
4. A 100/8000/500 Å thick film of Ti/Au/Ti is sputtered over the entire wafer and used
as a seed layer to selectively plate > 1.5 µm of gold on top of the device. The purpose
of the gold electroplating is threefold. Firstly, the anchors of the RF MEMS beams are
reinforced, which ensures beam flatness after release. Secondly, electroplating makes
the air bridge and the top electrodes of the metal-insulator-air-metal capacitors stiffer,
and prevents them from pulling in when a bias voltage is applied. Thirdly, the metal
thickness is increased, which reduces conduction losses.
5. The beams are defined through a trifluoroacetic acid (TFA) back-etch of the seed
layer. The sacrificial spacer is desolved overnight in hot PRS-2000 solution, and the
wafer is dried in a critical point dryer (CPD), which is necessary to prevent the beams
from becoming stuck in the down-state.
2.3.2 Self-Aligned Fabrication Process
The self-aligned fabrication process is illustrated in Fig. 2.2(b). It consists of the
following steps:
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1. The electrode layer is defined through a wet back-etch process of a 100/2000/100
Å thick layer of evaporated Ti/Au/Ti. The RF sheet resistance of a 2000 Å film
of gold is 0.138 Ω/sq at 10 GHz and 0.145 Ω/sq at 20 GHz. The entire wafer is
subsequently covered with two layers which are not patterned: a dielectric layer and a
sacrificial layer. The dielectric layer is deposited during a plasma enhanced chemical
vapor deposition (PECVD) process at 380◦ C. The material is silicon nitride with a
dielectric constant of 7.6 and a thickness of 2000 Å. The sacrificial layer is Microchem
950PMMA A4 (polymethylmethacrylate) with a thickness of 0.4 µm.
2. The beam layer is defined using a wet back-etch process of a 500/3000/100 Å thick
layer of evaporated Ti/Au/Ti. The golden beams are now used as an on-wafer self-
aligned mask for back-etching of the PMMA sacrificial layer and the silicon nitride
dielectric using reactive ion etching (RIE) and undiluted BHF, respectively. The
back etch process leaves the beams resting on a pillow of PMMA and silicon nitride,
disconnected from the electrode layer.
3. The anchor layer is defined through a lift-off process of a 7000 Å thick layer of evap-
orated aluminum. The purpose of the anchor layer is threefold. Firstly, the anchors
connect the beams to CPW ground strips. Secondly, the anchor layer makes air bridges
and the top electrodes of the metal-insulator-air-metal capacitors stiffer, and prevents
them from pulling in when a bias voltage is applied. Thirdly, the metal thickness of
the CPW is increased which reduces ohmic losses. The RF sheet resistance of a 0.7
µm film of aluminum is 0.0563 Ω/sq at 10 GHz and 0.0652 Ω/sq at 20 GHz.
The thickness of the anchor layer is kept minimal in order not to strain the lift-off
process which uses Shipley 1827 photo resist. The minimal thickness of the anchor
layer, ta, able to connect the beams to the CPW, is calculated using the expression
below:
ta = td + g0 + tb − te (2.5)
Increasing the electrode layer thickness, te, beyond 2000 Å would reduce the line
loss and increase the Q factor, but would require a sacrificial spacer with better step
coverage than 950PMMA A41. The air gap, g0, is limited by the lift-off process
1Note that chemical mechanical polishing (CMP) can not be used on resists.
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µ = 2.34 µm 
σ = 0.35 µm 
µ = 2.43 µm 
σ = 0.31 µm 
TRACK
DESIGN
Figure 2.4: Optical interferometry imagery (top) and surface profile (bottom) of RF MEMS
components fabricated using the conventional fabrication process. The mean and standard
deviation of the transverse beam profile are shown.
defining the anchors, and can be increased using lift-off processes based on bilayer
photo resists, thereby extending the use of the self-aligned fabrication process to RF
MEMS switches with a high capacitance ratio, or to applications where line loss is to
be minimized.
Soaking the wafer in hot Baker PRS-2000 solution not only lifts off the unnecessary
parts of aluminum, but at the same time releases the beams because the PMMA
sacrificial layer is desolved as well. Scanning electron microscopy (SEM) is used to
verify that the beams are in up-state, as shown in Fig. 2.3.
2.3.3 Comparison
The advantages of the self-aligned RF MEMS fabrication process are:
• The self-aligned fabrication process reduces the number of lithography steps necessary;
only three masks are used compared with five for a conventional RF MEMS fabrication
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Figure 2.5: Optical interferometry imagery (top) and surface profile (bottom) of RF MEMS
components fabricated using the self-aligned fabrication process. The mean and standard
deviation of the transverse beam profile are shown.
and dielectric layer reduces the amount of alignment errors and thereby allows for a
significant scaling of the beam length.
• The self-aligned fabrication process allows for flatter beams. In contrast to the con-
ventional fabrication process, it prevents a BHF wet etch, or an RIE, from etching out
part of the substrate during definition of the dielectric. The beams are longitudinally
flatter because they track a flatter topology. In addition, the self-aligned fabrication
process allows a stacked beam layer deposition using evaporation, whereas the conven-
tional fabrication process requires a conformal beam layer deposition using sputtering.
Evaporation yields beams with lower residual stress, which are transversely flatter.
Optical interferometry surface profiles of RF MEMS components fabricated using the
conventional fabrication process, as shown in Fig. 2.4, and using the self-aligned fab-
rication process, as shown in Fig. 2.5, confirm the claims. The standard deviation of
the self-aligned transverse beam profiles is 69 nm on average, whereas the standard
deviation of the conventional transverse beam profiles is 0.33 µm on average. It is
also observed that the conventional fabrication process yields an average air gap which
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is lower than the design value, whereas the self-aligned fabrication process yields an
average air gap which is higher than the design value.
• The self-aligned fabrication process allows a broad selection of the materials because
it is not tied to electroplated Ti/Au/Ti stacks, which are incompatible with aluminum
and ultra-nanocrystalline diamond (UNCD) films [56]. Aluminum has a higher stiff-
ness versus mass ratio, and would yield faster components when used as a beam
material. However, as indicated in Table A.1, there are examples of 5-mask fabri-
cation processes based on a W/SiN/Al stack. UNCD possesses a stable low stiction
surface chemistry, and would yield more reliable components when used as a dielectric
material [57].
A disadvantage of the self-aligned fabrication process is the increased vulnerability to
over-etching. An over-etched beam will lead to an over-etched sacrificial spacer and dielec-
tric.
2.4 Measurements
Measurements show that the 4 by 4 RF MEMS varactor bank - henceforth referred to
as device under test (DUT), is functional and that the RF performance is comparable with
the work discussed in [45, 46].
2.4.1 Biasing
The measured pull-in voltage, Vp, is between 35 and 50 V, which is higher than the
design value. The DUT is biased using a bipolar drive voltage, Vs, in order to avoid
dielectric charging and to increase the lifetime of the device. Vs is kept below 35 V, in order
not to damage the HP 11612B bias network and the Agilent 8722ES network analyzer. As
such, the DUT operation is limited to the varactor mode (Vs < Vp).
2.4.2 S-Parameters
The one-port S-parameters of the up-state and the biased state of DUTs with beam
lengths of 30 and 45 µm, are measured and compared with method of moments simula-
tion results in Fig. 2.6. One-port S-parameters of the open-ended transmission line test
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structures without beams are measured and simulated as well, in order to discriminate
between the capacitance and loss of the open-ended transmission line test structures and
the capacitance and loss of the RF MEMS varactors. The difference in capacitance for the
up-state (133.9 fF) is close to 16×Cu (112 fF), with Cu being the analytically predicted up-
state capacitance of a single scaled RF MEMS varactor, as discussed in the design section.
Capacitances and Q factors are tabulated in Table 2.3.
The Q factor, which includes losses incurred in the 4-way power divider and transmission










1 − |S11|2 , (2.6)
in which the DUT is modelled as a lossy capacitor at every frequency - i.e. a capacitor Cs
in series with a resistor Rs, yielding an input impedance ZIN = Rs + j Xs = Rs + 1j ω Cs . At
20 GHz, the measured Cs ranges between 180.5 and 199.2 fF (-j44 Ω < jXs < -j40 Ω) for
the DUT with 30 µm beam lengths and between 190.7 and 210.3 fF for the DUT with 45
µm beam lengths. The measured Q factor ranges between 14.5 and 10.8 for the DUT with
30 µm beam lengths and between 25.1 and 11.6 for the DUT with 45 µm beam lengths.
The series resistance, Rs, which adversely affects the Q factor, is mainly due to the
resistance of the electrodes. The electrode layer is the thinnest layer in the material stack.
As stated in the Fabrication section, the RF sheet resistance of the 2000 Å thick golden
electrodes is 0.138 Ω/sq at 10 GHz and 0.145 Ω/sq at 20 GHz. The resistance of the
electrodes, consisting of 9.16 squares, is therefore at least 1.27 Ω at 10 GHz and 1.33 Ω
at 20 GHz. However, the DUT comprises 16 scaled fixed-fixed beam RF MEMS varactors,
connected in parallel and fed by a 4-way CPW power divider. Rs is therefore not only
located in the electrode of the RF MEMS varactors. The series capacitance, Cs, affects for
example the return loss of the 4-way power divider and the fitted Rs. The S-parameter
measurements of the biased state are believed to be perturbed by the HP 11612B bias
network and the biasing of a semiconducting substrate, causing a difference in Rs between
the up- and biased state.
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Table 2.3: Capacitance and Q factor of the transmission line and the DUT (up-state and
biased)
SIMULATED
T-LINE UP-STATE BIASED STATE
l (µm) 30 45 30 45 30 45
10 GHz Rs (Ω) 2.05 2.05 1.5 1.6 1.5 1.6
Xs (Ω) -286.2 -278.4 -126.9 -112.8 -109.5 -95.7
Cs (fF) 55.6 57.2 125.5 141.2 145.5 166.4
Q 139.6 135.8 84.6 70.5 73.0 59.8
20 GHz Rs (Ω) 1.5 1.6 1.6 1.7 1.65 1.8
Xs (Ω) -139.7 -135.6 -58.4 -50.8 -49.45 -42
Cs (fF) 57.0 58.7 136.3 156.7 161.0 189.6
Q 93.1 84.8 36.5 29.9 30.0 23.3
MEASURED
T-LINE UP-STATE BIASED STATE
l (µm) 30 45 30 45 30 45
10 GHz Rs (Ω) 8.2 11.1 4.7 2.5 10.7 8.7
Xs (Ω) -287.8 -274.6 -99.9 -95.6 -90.6 -87.4
Cs (fF) 55.3 58.0 159.3 166.5 175.8 182.2
Q 35.0 24.7 21.4 38.5 8.5 10.0
20 GHz Rs (Ω) 4.5 7.2 3.1 1.7 3.7 3.3
Xs (Ω) -140.1 -134.0 -44.1 -41.8 -40.0 -37.9
Cs (fF) 56.8 59.4 180.5 190.7 199.2 210.3
Q 31.1 18.7 14.5 25.1 10.8 11.6
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(a) l = 30 µm - Simu-
lated
(b) l = 30 µm - Measured (c) l = 45 µm - Simulated (d) l = 45 µm - Measured
Figure 2.6: S11 Smith charts of the up-state (solid), the biased state (dashed), and the test
structure (dotted) from 0.05 to 40 GHz
2.4.3 Power Handling
The power handling of capacitive fixed-fixed beam RF MEMS components is discussed
in [51]. Self-actuation and electromigration are the primary causes of failure under cold-
switched high-power operation. Self-actuation occurs when the root mean square (RMS)
of the RF voltage across electrode and beam, VRMS , exceeds the pull-in voltage, Vp. Elec-
tromigration occurs when the RMS of the RF current density through the golden beam,
JRMS , exceeds 0.5 MA/cm2 [58] and rips loose atoms out of the conductor lattice.
The cold-switched power handling of the DUT is measured by placing a Hughes 1177H
X-band travelling-wave tube (TWT) power amplifier in between the network analyzer, op-
erating in CW mode, and the DUT. Due to the high pull-in voltage of the DUT, it is
limited by electromigration. An established method for characterizing electromigration is
the median-time-to-failure measurement [59], in which the median duration is recorded be-
fore a metallic thin film line fails to conduct a controlled current density at a controlled
temperature. Likewise, the cold-switched power handling of the DUT is verified up to 200
mW at 10 GHz with no electromigration observed after 10 min. At 500 mW, however, the
anchors of some DUTs delaminated instantaneously causing irreversible damage.
2.5 Conclusion
A self-aligned fabrication process for capacitive fixed-fixed beam RF MEMS components
is disclosed. RF MEMS varactors with a beam length of 30 µm are demonstrated and the
RF performance of a 4 by 4 RF MEMS varactor bank is comparable with state-of-the-art
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results for capacitive RF MEMS components with beam lengths smaller than 50 µm.
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A 2-Bit Ka-Band RF MEMS Frequency Tunable Slot
Antenna
3.1 Introduction
Frequency tunability is of interest in software-defined radios, which require a pro-
grammable modem and RF front-end, in order to tune to a multitude of frequency bands.
Antenna tunability is usually achieved by incorporation of lumped components based on
III-V semiconductor technology, such as single pole single throw (SPST) switches or varac-
tor diodes. However, these components can be readily substituted for RF MEMS switches
and varactors in order to take advantage of the low insertion loss and high Q factor of-
fered by RF MEMS technology [3]. In addition, RF MEMS components can be integrated
monolithically on low-loss dielectric substrates, such as borosilicate glass (εr = 5.1, tan δ
= 0.006), fused silica (εr = 3.78, tan δ = 0.0002) or liquid crystal polymer (LCP), whereas
III-V semiconducting substrates are generally lossy and have a high dielectric constant. A
low loss tangent and low dielectric constant are of importance for the efficiency and the
bandwidth of the antenna.
The prior art includes an RF MEMS frequency tunable fractal antenna for the 0.1-6
GHz frequency band [18], an RF MEMS frequency tunable slot antenna for the 2.4-4.6
GHz band [19], an RF MEMS radiation pattern reconfigurable spiral antenna for 6 and 10
GHz [20], an RF MEMS radiation pattern reconfigurable spiral antenna for the 6-7 GHz
frequency band based on packaged Radant MEMS SPST-RMSW100 switches [21], and an
RF MEMS Sierpinski multiband fractal antenna for 2.4 and 18 GHz [22].

























Figure 3.1: The 2-bit Ka-band RF MEMS frequency tunable slot antenna
able slot antenna, shown in Fig. 3.1, are discussed. The uniplanar slot antenna, fed through
a coplanar waveguide (CPW), is amenable to micro-fabrication techniques which allow
monolithic integration of air bridges, metal-air-metal capacitors and center-pulled capaci-
tive fixed-fixed beam RF MEMS switches, as shown in Fig. 3.2. The RF MEMS switches
shorten the electrical length of the resonant slot when actuated, increasing the radiation
frequency.
3.2 Design
The 2-bit Ka-band RF MEMS frequency tunable slot antenna is fabricated on a 500
µm thick fused silica wafer. The slot width is 0.37 mm and the slot length is 2.3 mm. The
input impedance of a center-fed slot antenna is 550-700 Ω at first resonance. In order to
match the input impedance, the slot antenna is fed off-center through a capacitively coupled
20/150/20 µm CPW. Dimensions, as defined in Fig. 3.1, are given in Table 3.1.
The ground plane of the antenna is divided into three bodies using large metal-air-metal
DC caps to allow for independent biasing of the two RF MEMS switches. The metal-air-
metal capacitors have capacitance values between 660 and 730 fF, which are rather low,
even at Ka-band, and cannot be disregarded during full-wave simulations. The electrodes
of the RF MEMS switches are connected to the lower half of the ground plane, which is






Figure 3.2: SEM imagery of a metal-air-metal capacitor (a) and a center-pulled capacitive
fixed-fixed beam RF MEMS switch (b)







Figure 3.3: Capacitive RF MEMS switches for slot lines: cantilever beam (a) versus fixed-
fixed beam (b)
upper bodies, which are biased using bias pads, connected by high-resistivity bias lines.
The bias pads are used to avoid disturbing the current distribution on the ground plane of
the antenna.
Electrostatically actuated RF MEMS switches are commonly classified by contact mech-
anism - i.e. metal-to-metal versus capacitive, or by anchorage - i.e. cantilever beam versus
fixed-fixed beam. Capacitive cantilever beam switches are preferred for slot lines because
capacitive switches typically outperform their metal-to-metal contact counterparts above
X-band and a cantilever anchorage is more amenable to balanced transmission lines, as
shown in Fig. 3.3. The choice for capacitive fixed-fixed beam type stems from the fact that
a mature fabrication process with high wafer yield has been demonstrated at the Michigan
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Table 3.1: Dimensions of the 2-bit Ka-band RF MEMS frequency tunable slot antenna, as
shown in Fig. 3.1
Parameter Value Parameter Value
Antenna Length, la 4.8 mm Offset Length 1, l1 0.1 mm
Antenna Width, wa 3 mm Offset Length 2, l2 0.605 mm
Feed Length, lf 0.43 mm Offset Length 3, l3 0.17 mm
Feed Width, wf 0.05 mm Slot Length, ls 2.3 mm
Gap Length, lg 0.5 mm Slot Width, ws 0.37 mm
Gap Width, wg 0.02 mm
Nanofabrication Facility [3]. However, capacitive fixed-fixed beam RF MEMS switches can
be used successfully across slot lines whenever the beams span most of the slot width, and
the disconnected anchor is placed as close as possible to the edge of the slot line without
shorting it.
Dimensions and design parameters of the center-pulled capacitive fixed-fixed beam RF
MEMS switches are tabulated in Table 3.2. Expressions for the up- and down-state capac-
itance, the pull-in voltage, Vp, the spring constant, k, and the switching time, ts, can be
found in [3]. The finite Q factor of the RF MEMS switches bounds the gain of the loaded slot
antenna. The Q factor is obtained using the S-parameter method [3]. A one-port method
of moments simulation of the center-pulled fixed-fixed beam RF MEMS switch layout for
slot lines is performed, as shown in Fig. 3.4(a), taking into account the finite conductivity
of the metal films. The Q factor is calculated using (3.1),
Q =
1
2π f R Cu
=
2 |=(S11)|
1 − |S11|2 , (3.1)
where R is the parasitic resistance of the RF MEMS switch. The calculated Q factor, as
shown in Fig. 3.4(b), is between 18.7 and 111 and is rather low, mainly due to the layout
of the electrode. The electrode is a 2000 Å thick film of evaporated gold and the RF sheet
resistance, Rs, of a 2000 Å thick gold film is 0.149 Ω/sq at 26.5 GHz and 0.156 Ω/sq at 40
1No attempts have been made to de-embed the transmission line loss from the one-port simulation. As
such, the stated Q factor slightly understates the Q factor of the center-pulled fixed-fixed beam RF MEMS
switch layout for slot lines.
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Table 3.2: Simulated parameters of the center-pulled capacitive fixed-fixed beam RF MEMS
switch
Parameter Value Parameter Value
Air Gap, g0 1.75 µm Dielectric Thickness, td 4000 Å
Beam Holes No Drive Voltage, Vs 50 V
Beam Length, l 300 µm Electrode Area, A 8,000 µm2
Beam Material Au Electrode Width, W 100 µm
Beam Thickness, t 8000 Å Residual Stress, σ 100 MPa
Beam Width, w 80 µm Unloaded Characteristic 152.7-171.5 Ω
Impedance2, Zu
Capacitance Ratio, CR 15.9 Parasitic Resistance2, R 5.8-6.5 Ω
Down-State Capacitance, Cd 874 fF Spring Constant, k 66.6 N/m
Effective Mass, meff 147 pkg Switching Time, ts 5.5 µs
Mechanical Resonant 108.6 kHz Q Factor2 18.7-11
Frequency, fm Up-State Capacitance, Cu 55 fF







The RF resistance of the electrode, which consists of 12 squares, is therefore 1.872 Ω at 40
GHz (12 sq’s × 0.156 Ω/sq) and adversely affects the Q factor of the RF MEMS switch
layout for slot lines. One way to reduce the RF resistance of the electrode is to increase
the electrode line width. Doubling the electrode line width results in an electrode area of
approximately 6 squares. The additional line loss incurred per RF MEMS switch, α, stated
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Figure 3.4: One-port method of moments simulation of the center-pulled capacitive fixed-
fixed beam RF MEMS switch layout for slot lines (top), calculated Q factor and additional
line loss per RF MEMS switch, α (bottom)
where Zu is the unloaded characteristic impedance of the slot line and the parasitic resis-
tance, R, of the RF MEMS switch is extracted from the calculated Q factor using (3.1).
While slot antennas are resonant, the additional line loss incurred per RF MEMS switch, α,
as shown in Fig. 3.4, gives an impression of the decrease in gain due to the finite Q factor
of the RF MEMS switches.
The placement of the RF MEMS switches simultaneously impacts the input impedance,
the instantaneous bandwidth and the resonant frequency of the 4 states. The 4 states are
defined by the state of the beams of the two RF MEMS switches, which are up-up (UU) with
the lowest resonant frequency, up-down (UD), down-up (DU) or down-down (DD) with the
highest resonant frequency. Method of moments simulations include the air bridge, the two
bias lines, the three metal-air-metal capacitors, the two RF MEMS switches, and account
for the finite conductivity of the metal layers and the finite dimensions of the ground plane.
The simulated return loss for each of the 4 states is shown in Fig. 3.5(a)-(d). Trade-offs are
to be made in the design process: for example, in Fig. 3.5(a) it is shown that the antenna
in the UU state spurs in the DD band, because in the UU state the shorter side of the slot
looks shorted at 36 GHz. Increasing capacitive coupling between CPW feed and the slot
antenna will reduce the effect. However, decreasing the slit between CPW feed and ground
41
plane to below 20 µm is challenging from a fabrication perspective. E- and H-plane co- and
cross-polarized radiation patterns for each of the 4 states resemble the radiation patterns
of an ordinary slot antenna radiating at its dominant mode.
3.3 Measurements
3.3.1 Biasing
The RF MEMS switches are biased using a bipolar drive voltage, Vs, of 45 V in order
to avoid dielectric charging and to increase the lifetime of the device. The measured pull-in
voltage, Vp is 35-40 V, which is close to the design value.
3.3.2 Return Loss & Gain
Characterization of a 4.8 × 3 mm2 antenna under test (AUT) at millimeter-wave fre-
quencies is challenging. The return loss and gain for the 4 states of the actuated AUT,
as well as for 4 on-wafer AUTs with the RF MEMS beams in the up- or down-fabricated
position depending on the state, henceforth referred to as the hard-wired AUTs, are there-
fore measured using a probe station based setup [60]. The setup eliminates the need for
wafer dicing and custom-built test fixtures with coaxial connectors or waveguide flanges.
The wafer is placed on a cavity filled with absorber, located in the far field of the AUT,
which replaces the probe station wafer chuck, and is probed with a Picoprobe Model 40A-
GSG-150-C after a short-open-load (SOL) calibration. The measurement results are shown
in Fig. 3.5(a)-(d), and are tabulated in Table 3.3. Discrepancies between simulations and
hard-wired measurements are attributed to deviations from nominal design parameters and
alignment errors during fabrication. Stress induced bow of the top electrode of the metal-
air-metal capacitors, as shown in Fig. 3.2, or the RF MEMS beams in up-state, also changes
the resonant frequencies. Discrepancies between the hard-wired measurements and actu-
ated measurements are attributed primarily to the DC probes cluttering the near field of
the actuated AUT, and to deviations in the down-state capacitance, Cd.
Subsequently, a WR-28 standard gain horn is moved along a hemispherical arc in order
to measure the gain and the cross-polarization in the principal planes at broadside. Table
3.3 tabulates the measured gain of the hard-wired AUTs. The average gain is 1.74 dBi. The
average cross-polarization is -9.22 dBi. Discrepancies between the simulated and measured
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(a) UU (b) DU
(c) UD (d) DD
Figure 3.5: Measured return loss of each of the 4 states of the AUT
gain and cross-polarization are primarily due to measurement errors induced by forward
scattering from the RF probe and probe positioner and scattering induced polarization
cross-talk, as discussed in [60]. Given the measurement uncertainty, the average, µG, and the
standard deviation, σG, of the gain within an angular window of 10◦ from broadside in the
principal planes are also stated. σG is an indicator for the measurement error caused by the
frequency-specific cyclic angular variation of the gain due to forward scattering from the RF
probes and probe positioner. The gain and cross-polarization of the actuated AUT could not
be measured reliably because of the scattering from the DC probes and accompanying probe
holders. Taking into account the simulation results and poor repeatability of the actuated
AUT measurements, the hard-wired return loss and gain measurements most accurately
represent those corresponding to the self-impedance of the AUT states.
43
Table 3.3: Simulated and measured figures of merit for each of the 4 states.
Simulated
UU DU UD DD
fr 29.5 GHz 30.5 GHz 32.75 GHz 37 GHz
BW 0.75 GHz 0.5 GHz 1.25 GHz 2.5 GHz
G 2.3 dBi 2.3 dBi 2.1 dBi 1.8 dBi
e 67.9% 66.3% 67.3% 65.3%
Measured (hard-wired AUTs)
fr 28 GHz 29.25 GHz 31.5 GHz 35 GHz
BW 0.8 GHz 0.8 GHz 2 GHz 3.2 GHz
G 2.2 dBi 1.3 dBi -4.33 dBi 7.8 dBi
µG -0.99 dBi -2.23 dBi -7.30 dBi 3.38 dBi
σG 1.42 dB 0.36 dB 0.01 dB 1.25 dB
3.3.3 Switching Time
The switching time, ts, of the AUT is measured indirectly through a mechanical mea-
surement of the spring constant, k, of the fixed-fixed beam. An indirect mechanical mea-
surement of ts avoids measurement perturbation due to the bias electronics and cabling.
k is measured with the Veeco Dektak 6M surface profiler which measures step heights on
surfaces with a programmable stylus force, Fi. The stylus is moved over the beam along a
transversal path, and the displacement, zi, at the center of the beam is measured for stylus
masses, mi, ranging from 1 mg to 10 mg, as shown in Fig. 3.6. Note that displacement
upon probing depends on the distance between the stylus and the gravitational center of
the beam, because k is a function of the moment of inertia of the beam. A least squares
method is used to fit k, using (3.4), which assumes a static equilibrium between the stylus
force and the restoring force exerted by the beam on the stylus.
Fi = mi g = k zi (3.4)
g is the acceleration due to gravity constant (9.81 N/kg). The fitted value of 58.1 N/m
is in good agreement with the simulated value, as stated in Table 3.2. Knowledge of the

















in which meff = 0.4 ρ l t w is the effective mass of the beam, yielding 5.19 µs for a drive
voltage, Vs, of 45 V.
3.4 Conclusion
A 2-bit Ka-band RF MEMS frequency tunable slot antenna is disclosed.
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CHAPTER 4
A High-Power X-Band Differential RF MEMS SPST Switch
This chapter will be released upon acceptance for publication.
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CHAPTER 5
An Analog RF MEMS Slotline True Time Delay Phase
Shifter
5.1 Introduction
The advent of RF MEMS phase shifters has enabled wide-angle passive electronically
scanned arrays with high effective isotropically radiated power (EIRP), also referred to as
power-aperture product, and with associated long-range detection capability [34, 35, 36].
In addition, the usage of monopulse comparators and true time delay (TTD) phase shifters
results in high angular resolution and high range resolution respectively. Four-quadrant
monopulse comparators are the proverbial cross hairs of a fire control radar. They increase
the angular accuracy to a fraction of the beamwidth by comparing echoes, which originate
from a single pulse and which are received in three concurrent and spatially-orthogonal
channels, being the sum channel, Σ, the azimuth-difference channel, ∆AZ , and the elevation-
difference channel, ∆EL [14]. TTD refers to the invariance of time delay with frequency,
or equivalently, to the linear phase shift with frequency. Usage of TTD components allows
ultra wideband (UWB) radar waveforms with associated high range resolution, and avoids
beam squinting or frequency scanning.
TTD phase shifter are designed using the switched-line principle [25, 26, 27] or the dis-
tributed loaded-line principle [28, 29, 30, 3, 31, 32, 33]. Switched-line TTD phase shifters
are superior to distributed loaded-line TTD phase shifters in terms of time delay per deci-
bel noise figure (NF), especially at frequencies up to X-band, but are inherently digital
and require low-loss and high-isolation single pole N throw (SPNT) switches. Distributed


























(a) A time-delaying lens is illuminated by a four-quadrant monopulse horn. EIRP denotes effectively
isotropically radiated power.
(b) UWB brick (double exponentially tapered slot antenna - slotline TTD phase shifter - double expo-
nentially tapered slot antenna)
Figure 5.1: Envisioned application of the analog RF MEMS slotline TTD phase shifter
smaller form factors, which is important at the subarray level. Analog phase shifters are
biased through a single bias line, whereas multi-bit digital phase shifters require a parallel
bus along with complex routing schemes at the subarray level. In addition, usage of an
analog bias voltage avoids large phase quantization errors which deteriorate the effective
isotropically radiated power and beam pointing accuracy, and elevate the sidelobe level of
an electronically scanned array [16, 15].
In this chapter, an analog RF MEMS slotline TTD phase shifter is presented, which is
developed for a brick-assembled time-delaying lens in which each brick comprises a tapered
slot antenna followed by an RF MEMS slotline TTD phase shifter followed by a tapered
slot antenna, as shown in Fig. 5.1. Brick assembly refers to the microwave circuitry being
integrated perpendicularly to the array plane, and is most often implemented using metal
housings and racks. Tile assembly, on the contrary, refers to the microwave circuitry being
integrated parallelly to the array plane, and is most often implemented using multi-layer
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laminates. From an electronically scanned array perspective, the usage of the RF MEMS
slotline TTD phase shifter in the proposed brick design yields several advantages over tile
designs [61], such as:
• Antenna selection: The RF MEMS slotline TTD phase shifter can be cascaded
to tapered slot antennas, such as the Vivaldi aerial or the double exponentially ta-
pered slot antenna [62, 63, 64, 65], obviating lossy and resonant baluns, impedance
transformers and mode transitions.
• Bandwidth: The brick design allows for UWB beam steering.
• EIRP: The RF MEMS slotline TTD phase shifter has a lower phase shift versus
decibel NF, but a higher VRMS-limited power handling compared with its coplanar
waveguide (CPW) counterpart.
• Fabrication: The brick design is uniplanar and allows for monolithic integration of
the RF MEMS slotline TTD phase shifter and efficient tapered slot antennas on fused
silica or borosilicate glass wafers or liquid crystal polymer (LCP) flexible substrates
[66], which are the substrates of choice for high-Q RF MEMS fabrication. The uni-
planar monolithic integration obviates microvia technology and does not deteriorate
the scan performance because the RF MEMS TTD phase shifters are not lying in the
radiating half-space of the end-fire radiating tapered slot antennas.
• Feed network: The space-fed time delaying lens can be illuminated with a four-
quadrant monopulse horn.
• Scalability: The brick assembly is 2D scalable and can be made polarimetric.
5.2 Design
An RF MEMS distributed loaded-line TTD phase shifter consists of a high impedance
transmission line, which is periodically loaded with capacitive fixed-fixed beam RF MEMS
switches used as varactors (biased up to 90% of their pull-in voltage, air gap, g0, reduction to
2/3 of its nominal value). The increase in distributed capacitance with bias voltage provides
a progressive phase shift with respect to the transmission phase in the unbiased state. A


























































































































































































































































































































































































































































































































impedance matching (70◦/dB at 40 GHz and 90◦/dB at 60 GHz) [28], but can be overcome
in digital designs using a combination of capacitive and inductive loading, which allowed
for the realization of the lowest loss analog distributed loaded-line TTD phase shifter with
429◦/dB at 12 GHz, 358◦/dB at 50 GHz, and 150◦/dB at 110 GHz [33]. A comparison with
the prior art in distributed loaded-line TTD phase shifters is given in Table 5.1.
The RF MEMS slotline TTD phase shifter, designed for an electrically-thin Corning
Pyrex 7440 borosilicate glass wafer (εr = 5.1, h = 500 µm, tan δ = 0.006), is a scalable
cascade of 62 novel differential slow-wave unit cells - i.e. more can be cascaded to obtain
additional phase shift. The layout of the differential slow-wave unit cell is based on an
electrically-short slotline section, s, of 350 µm, with a gap of 300 µm and an unloaded
characteristic impedance, Zu of 101.7 Ω at 10 GHz, which is loaded with a shunt impedance
consisting of two center-pulled fixed-fixed beam RF MEMS varactors in series, sharing
a common electrode, as shown in Fig. 5.3. The design parameters of the RF MEMS
varactors are tabulated in Table 5.2. Expressions for pull-in voltage Vp, spring constant k,
and switching time ts, can be found in [3]. The RF MEMS varactors are integrated in the
slot line edges in order to minimally disturb edge currents flowing along the slot. However,
doing so increases the attenuation, α, as it becomes a function of the beam thickness, tb, of
the RF MEMS varactors, and it also increases the self-inductance of the slotline, LT .
The theory and design methodology of analog distributed loaded-line TTD phase shifters,
as described by Barker and Rebeiz [28, 30, 3], is not readily applicable because the RF
MEMS slotline TTD phase shifter is differential, lossy and does not support a transverse
electromagnetic (TEM) mode. The mode of propagation in a slotline is almost transverse
electric (TE), exhibiting more dispersion than CPW or microstrip. Lossy transmission
line theory is therefore applied on the lumped differential-mode half-circuit model of the
slow-wave unit cell, as shown in Fig. 5.3, in order to derive expressions for attenuation,
distortion, phase shift, power handling, S-parameters, and time delay. The model param-
eters are tabulated in Table 5.3 and are obtained from fitting the unbiased measurement
results from 6 to 14 GHz. Due to the TE nature of the RF MEMS slotline TTD phase
shifter, one should be cautious in extrapolating the lumped and semi-lumped simulation
results beyond one octave bandwidth. The expressions can be evaluated with a numerical
computing package such as GNU Octave or MATLAB in order to provide insight into the
































Figure 5.2: A differential slow-wave unit cell (left) and equivalent lumped and semi-lumped
differential-mode half-circuit models (right).
admittance, YEQ, of the lumped differential-mode half-circuit model of the slow-wave unit
cell is defined, as shown in Fig. 5.3.
YEQ = s ( GT + jω CT ) +
1
RE/2 + j ω LE/2 + 1j ω CMEMS
(5.1)
GTEQ is defined as the equivalent transmission line shunt conductance, and CTEQ is defined










Table 5.2: Design parameters of the center-pulled contactless fixed-fixed beam RF MEMS
varactor
Parameter Value Parameter Value
Air Gap, g0 1.5 µm Dielectric Thickness, td 4000 Å
Beam Holes No Drive Voltage, Vs 0-7 V
Beam Length, l 300 µm Electrode Area, A 8,000 µm2
Beam Material2 Au Electrode Width, W 100 µm
Beam Thickness, t 4000 Å Residual Stress, σ 25 MPa
Beam Width, w 80 µm
Capacitance Ratio, CR < 1.5 Pull-In Voltage, Vp 11.6 V
Capacitance, CMEMS 63.9 fF - 95.8 fF Spring Constant, k 8.6 N/m
Effective Mass, m 73.7 pkg Switching Time, ts 3.1 µs
Mech. Resonant Freq., fm 54.2 kHz
The complex propagation constant of the RF MEMS slotline TTD phase shifter becomes
γ =
√
(RT + j ω LT )
(
GTEQ + j ω CTEQ
)
(5.4)
The characteristic impedance, Z, of the RF MEMS slotline TTD phase shifter can be
optimized between 50 and 100 Ω in order to cut down on taper of the tapered slot antennas
while preventing the structure from radiating. In this chapter, a characteristic impedance of
75 Ω differential is chosen, which is the input impedance of a λ0/2 dipole. The characteristic





RT + j ω LT
GTEQ + j ω CTEQ
(5.5)
With all model parameters defined, simple expressions are now derived for attenuation,
distortion, phase shift, power handling, S-parameters, and time delay. Results are tabulated
in Table 5.3 as well.
• Attenuation: The insertion loss of a well-matched RF MEMS slotline TTD phase
shifter is N s times the attenuation, α, expressed in dB/m.
2The Young’s modulus, E, the Poisson ratio, ν, and the mass density, ρ, of gold are: 78 GPa, 0.44 and
19.2 g/cm3 respectively. The resistivity of gold is 2.44 µΩ cm and the skin depth is 4830 Å at 26.5 GHz.
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The insertion loss is affected by the T-line resistance, RT , and the electrode resistance,
RE , or equivalently by the finite Q factor of the shunt impedance. The attenuation of
an RF MEMS slotline TTD phase shifter is higher than the attenuation of its CPW
and microstrip counterparts.
• Differential phase shift: At frequencies below the Bragg frequency, fB, the phase
shift, ∆φ, expressed in degrees, of the RF MEMS slotline TTD phase shifter is the dif-









N s (=(γ [Vs])−=(γ [0])) (5.9)
The Bragg frequency is the frequency at which the characteristic impedance, Z, of
the RF MEMS slotline TTD phase shifter becomes zero, indicating a transmission
zero. The Bragg frequency of the RF MEMS slotline TTD phase shifter is primarily
affected by the electrode inductance, LE .







The RT /LT quotient is 1.29e9 and the GTEQ/CTEQ is 2.35e9 for the unbiased state
and 2.45e9 for the biased state of the disclosed RF MEMS slotline TTD phase shifter.
A quantitative number for distortion is the group velocity dispersion [67], expressed







in which λ0 is the wavelength in free space and β is the propagation constant, expressed
in rad/m. |D| is the temporal pulse spreading, expressed in ps, per unit bandwidth,
expressed in mm, and per unit distance travelled, also expressed in mm. |D| is 20.8
fs/(mm mm) for the unbiased state and 37.1 fs/(mm mm) for the biased state of the
disclosed RF MEMS slotline TTD phase shifter.
• Power handling: Self-actuation is the primary cause of failure of a center-pulled
contactless fixed-fixed beam RF MEMS varactor under high-power operation [51].
Self-actuation occurs when the root mean square (RMS) of the RF voltage across the
RF MEMS varactor, VsEQ , exerts an equivalent drive voltage exceeding the pull-in
voltage, Vp. However, for analog center-pulled fixed-fixed beam RF MEMS varactors,
VsEQ should be further restrained to approximately Vp/2 in order to prevent the RF
signal from self-phasing under high power operations. In order to calculate the RF
power corresponding to VsEQ = Vp/2, an expression for the RMS of the RF voltage









The maximum power handling of the RF MEMS slotline TTD phase shifter, expressed
in dBm, can be calculated as
P = 10 log
V 2RMS
|Z/2| + 33 (5.13)
The power handling of a 50 or 75 Ω differential RF MEMS slotline TTD phase shifter
exceeds the power handling of its CPW and microstrip counterparts, based on the
same center-pulled fixed-fixed beam RF MEMS varactors, by more than 3 dB, because
of the power division among the differential-mode half-circuits and because of the RF
voltage division over the RF MEMS varactors, the electrode inductance, LE , and
the electrode resistance, RE . The reported power handling of RF MEMS CPW and
microstrip TTD phase shifters is 27 dBm [3].
• S-parameters: The S-parameters can be calculated by converting the Nth power of

































The scanning angle, θ, measured from the boresight, of an electronically scanned array








in which c is the speed of light in free space and d is the element spacing of the
electronically scanned array.
The semi-lumped differential-mode half-circuit model is shown in Fig. 5.3 and model
parameters are tabulated in Table 5.3. Full-wave simulations, such as method of moments
(MoM) simulations, are, although less insightfull, preferred over lumped and semi-lumped
modelling because the non-TEM nature of the slotline is taken into account. The RF sheet
resistance of the layers, necessary for accurate MoM simulations, is given in the Fabrica-
tion section. Good agreement between simulation results, obtained with all techniques,
and measurement results is observed for the unbiased state, as will be illustrated in the
Measurements section.
5.3 Fabrication
Micro-fabrication techniques allow monolithic integration of air bridges, bias lines, and
RF MEMS varactors. The fabrication process requires 6 masks and consists of the following
steps:
1. The electrode layer is defined through a trifluoroacetic acid (TFA) back-etch of a
100/2000/200 Å thick film of evaporated Ti/Au/Ti. The RF sheet resistance, Rs, of
a 2000 Å film is 0.145 Ω/sq.
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Table 5.3: Model parameters of the lumped and semi-lumped differential-mode half-circuit
of the slow-wave unit cell at 10 GHz
Lumped model
Parameter Value
Attenuation, α 158.7 - 192.1 dB/m
Bragg frequency, fB > 60 GHz
Effective phase velocity, veff 0.997 - 0.846 108 m/s
Electrode Inductance, LE 204.4 pH
Electrode Resistance, RE 8.3 Ω
Group velocity dispersion, |D| 20.9 - 37.1 fs/(mm mm)
Number of unit cells, N 62
Power, P 27 dBm
Propagation constant, β 630.4 - 743.1◦/m
Q factor 59.9
RF MEMS capacitance, CMEMS 63.9-95.8 fF
Spacing, s 350 µm
T-line capacitance, CT 58.1 pF/m
T-line conductance, GT 0.376 S/m
T-line inductance, LT 411 nH/m
T-line resistance, RT 531 Ω/m
Semi-Lumped model
Parameter Value
Effective dielectric constant, εeff 3.05
Loss tangent, tan δ 0.006




Figure 5.3: Optical microscopy imagery of the fabricated analog RF MEMS slotline TTD
phase shifter.
2. The dielectric layer, used to insulate the dielectric, is defined through a buffered
hydrofluoride (BHF) back-etch process of a 2000 Å thick film of plasma enhanced
chemical vapor deposition (PECVD) silicon nitride with a dielectric constant of 7.6,
which is deposited twice in order to avoid pin holes. The breakdown voltage of PECVD
silicon nitride is 50 V/kÅ.
3. The bias lines are defined through lift-off of a 1200 Å thick film of sputtered high-
resistivity SiCr (70% Si and 30% Cr). The resistivity of SiCr is 8657 µΩ cm and the
DC sheet resistance of the bias lines is 721 Ω/sq. Note that RF MEMS varactors are
electrostatically actuated and do not draw a bias current nor dissipate DC power.
4. The sacrificial spacer is defined through a back-etch of a 1.75 µm thick film of spin
coated Microchem 950PMMA A9. The reactive ion etcher (RIE) is used for the back-
etch, using a 500 Å thick on-wafer mask of evaporated Ti. The major advantage
of PMMA as a sacrificial spacer over conventional photo resists is that it reflows
conformally after spin coating, making the beams flatter and avoiding mechanical
failure due to vertical steps.
5. A 200/4000/500 Å thick film of Ti/Au/Ti, with an RF sheet resistance of 0.074 Ω/sq,
is sputtered over the entire wafer and used as a seed layer to selectively plate 1.1 µm of
gold on top of the device. The purpose of the gold electroplating is threefold. Firstly,
the anchors of the RF MEMS beams are reinforced, which ensures beam flatness after
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release. Secondly, electroplating makes the air bridges stiffer and prevents them from
pulling in when a bias voltage is applied. Thirdly, the metal thickness is increased,
which reduces conduction losses. The RF sheet resistance, Rs, of a 1.7 µm film is
0.045 Ω/sq.
6. The beams are defined through a trifluoroacetic acid (TFA) back-etch of the seed layer.
The sacrificial spacer is desolved overnight in hot PRS-2000, and the wafer is dried in
a critical point dryer, which is necessary to prevent the beams from getting stuck in
the down-state. Optical microscopy, as shown in Fig. 5.3, and optical interferometry
are used to verify that the beams are in the up-state. A deviation between the desired
air gap (1.75 µm) and the average realized air gap (1.5 µm) is observed, and is due
to the sacrificial spacer reflow and beam inflatness.
5.4 Measurements
5.4.1 Biasing
The RF MEMS varactors of the analog RF MEMS slotline TTD phase shifter - hence-
forth referred to as the device under test (DUT), are designed to have a low pull-in voltage,
Vp, in order to make the design compatible with transistor transistor logic (TTL) biasing
circuits, which operate at 2-5 V voltage levels. The DUT is biased through a Picoprobe
40A-GSG-150-T probe using a bipolar drive voltage, Vs, of 0-7 V in order to avoid dielectric
charging and to increase the lifetime of the device. The measured pull-in voltage, Vp, is
7.5-11 V, which is close to the design value.
5.4.2 S-Parameters
The differential S-parameters of the DUT are measured with a 2-port Agilent 8722ES
vector network analyzer in conjunction with two 6-26.5 GHz Krytar Model 4060265 180◦
hybrid couplers. The 180◦ hybrid couplers and the Picoprobe Model 40A-GSG-250/40A-
GSG-250-D-500 differential probes are connected by semi-rigid SMA cables, which limit
the differential measurement setup to 14 GHz due to the amplitude and phase imbalance
they cause. In this regard a differential S-parameter measurement with a 4-port vector
network analyzer, such as the Agilent N5230A, would have extended the measurement to
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(a) Insertion loss and return loss (0-7 V) (b) Differential phase shift (0-7 V)
Figure 5.4: Measured S-parameters of DUT (Renormalized to 75 Ω differential)
Figure 5.5: Measured phase shift versus noise figure
20 GHz. The wafer is placed on a glass chuck, in order not to ground the slot mode,
and the setup is calibrated using the Picoprobe CS-2-250 differential calibration substrate
and the short-open-load-thru SOLT calibration algorithm of Cascade WinCal 3.5, in which
the probe-manufacturer’s specifications for standards were not used. The differential S-
parameters, measured in a 100 Ω differential transmission line system, are renormalized to
75 Ω differential after deembedding of the probe pads. The measurement results are shown
in Fig. 5.4; the measured insertion loss at 10 GHz varies between 3.45 to 4.56 dB (0-7 V),
the measured return loss varies between 21 dB to 15.8 dB (0-7 V) and the obtained phase
shift is 128.5◦ (7 V). The phase shift per decibel NF, as shown in Fig. 5.5, is 28.2◦/dB
and the time delay per decibel NF is 7.8 ps/dB. The loss can be reduced by increasing the
beam thickness of the RF MEMS varactors, tb, at the expense of an increase in bias voltage
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Table 5.4: DUT Performance at 10 GHz
Simulated (Method of Moments)
S11 (dB) S21 (dB) S21 (◦) ∆τ (ps) |D| (fs/(mm mm))
UNBIASED -23.8 -3.5 -760.9 0 20.8
BIASED (7 V) -14.8 -4.2 -856.4 26.5 37.1
Measured
S11 (dB) S21 (dB) S21 (◦) ∆τ (ps) |D| (fs/(mm mm))
UNBIASED (0 V) -21 -3.45 -782.03 0 3.7
BIASED (7 V) -15.8 -4.56 -910.5 35.6 10.4
from 0-7 V to 0-40 V. UWB (DC-14 GHz) operation is feasible. Simulated and measured
return loss, insertion loss, phase shift and time delay of the DUT are tabulated in Table 5.4.
Good agreement between lumped, semi-lumped and method of moments simulation results
and measurement results is observed for the unbiased state, as shown in Fig. 5.6. The
lumped and semi-lumped simulation results for the biased state, obtained by changing the
CMEMS model parameter from 63.9 fF to 95.8 fF, deviate on average approximately 1 dB in
insertion loss and 10 dB in return loss from the measurement results. Nevertheless, lumped
and semi-lumped modelling remains a useful tool for first-order performance evaluation.
5.4.3 Linearity
The third-order intercept point, IP3, follows the mechanical response of the beam of the
RF MEMS varactor and the third-order intermodulation product, IM3, drops 40 dB/decade
for ∆f > fm = 54.2 kHz, in which fm is the mechanical resonant frequency of the RF MEMS
varactor [3]. The linearity of the DUT is demonstrated through a measurement of the IP3
at 10 GHz in a 100 Ω differential transmission line system, in which S11dd is -13.621 dB and
S21dd is -3.866 dB at 10 GHz (0 V). The spacing of the two carriers ∆f is 50 kHz, and the
fundamental and IM3 frequencies are: 2f1−f2 = 9.999973 GHz, f1 = 10.000022 GHz, f2 =
10.000070 GHz, 2f2 − f1 = 10.000118 GHz. Fig. 5.7 depicts the measurement setup where
the distinction is made between the transmitted power at the vector network analyzers
operating in CW mode, PT , the power at the input port of the DUT, PIN , the power at the
output port of the DUT, POUT , and the received power at the spectrum analyzer PR. PIN
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(a) Insertion loss and return loss (0 V) (b) Phase shift (0 V)
(c) Insertion loss and return loss (7 V) (d) Phase shift (7 V)



































Figure 5.7: IP3 measurement setup (100 Ω differential)
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Figure 5.8: IP3 measurement of DUT (100 Ω differential)
is PT minus the loss incurred between the vector network analyzers and the input port of
the DUT (≈ 7.5 dB), and POUT is the sum of the loss incurred between the output port of
the DUT and spectrum analyzer (≈ 3.8 dB) and PR. Fig. 5.8 shows the PR spectrum for





with ∆P/2 = 12.5 dB and PIN = -7.5 dBm, and equates to 5 dBm. While the IIP3 can be
increased by increasing the beam thickness, tb, interference mitigation in wideband limited
field-of-view systems is implemented more effectively using adaptive null steering.
5.4.4 Power Handling
The Hughes 1177H X-band TWT power amplifier is inserted between the Agilent 8722ES
vector network analyzer, operating in CW mode, and the 180◦ hybrid couplers in order to
verify the power handling of the DUT in a 100 Ω differential transmission line system. The
power handling is verified up to PIN = 28 dBm (PT = 33 dBm) with approximately 5 dB of
loss incurred between the power amplifier output and the DUT. No self-actuation (VRMS-
limited power handling) or electromigration (IRMS-limited power handling) is observed.
5.5 Future Work
Lumped modelling indicates that the phase shift and the VRMS-limited power handling
can be increased to 60◦/dB and 36 dBm (VSEQ = 10 V), by fabricating the disclosed design
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on a fused silica wafer with a beam thickness, tb, of 8000 Å instead of 4000 Å, at the expense
of an increase in bias voltages to 30-40 V. In addition, the electrode can be electroplated
to further reduce the attenuation and equalize the distortion quotients. A millimeter-wave
design will have a higher phase shift per decibel NF, as the phase shift increases linearly
with the frequency, f , and the conductor loss increases with
√
f . Increasing the capacitive
loading will increase the phase shift and decrease distortion as well, but will increase the
return loss.
Design opportunities include a digital design based on impedance-matched differential
slow-wave unit cells using a combination of capacitive and inductive loading in order to
greatly enhance the phase shift per decibel NF. The differential slow-wave unit cell can also
be implemented on other transmission line types, such as coplanar strips or unilateral finline
[68]. An implementation on coplanar strips, which supports a TEM mode, will decrease
dispersion over multiple octaves bandwidth. An implementation on unilateral finline, which
is a one-conductor structure not supporting a TEM mode and with a cut-off frequency for
the ground mode, offers a packaging opportunity. In addition, the analog slotline TTD phase
shifter design can be implemented using monolithically integrated ferroelectric varactors or
PIN diodes. Finally, other applications of the differential slow-wave unit cell include filters,
leaky wave antennas and wideband frequency tunable slot antennas.
5.6 Conclusion
An analog RF MEMS slotline true time delay (TTD) phase shifter has been presented
with compelling applications in wideband limited field-of-view systems. The design is a scal-
able distributed loaded-line cascade of 62 novel differential slow-wave unit cells. Each dif-
ferential slow-wave unit cell comprises an electrically-short slotline section, which is loaded
with a shunt impedance consisting of two center-pulled contactless fixed-fixed beam RF
MEMS varactors in series, sharing a common electrode. The analog RF MEMS slotline
TTD phase shifter is designed for transistor to transistor logic (TTL) bias voltage levels
and exhibits a measured phase shift of 28.2◦/dB (7.8 ps/dB) and 59.2◦/cm at 10 GHz,
maintaining a 75 Ω differential impedance match (S11 < -15.8 dB). The IIP3 is 5 dBm at
10 GHz for a ∆f of 50 kHz, measured in a 100 Ω differential transmission line system.
Design and fabrication opportunities, concerning distortion and loss reduction, as well as
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packaging, have been discussed.
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CHAPTER 6
A 94 GHz OFDM Frequency Scanning Radar
6.1 Introduction
Autonomous landing guidance (ALG) is an airborne navigation radar developed by
BAE Systems North America in collaboration with MBDA UK. The 94 GHz ALG radar
reduces dependence on ground-based instrument landing system (ILS) and space-borne GPS
in landing the aircraft by allowing pilots to map the runway even under adverse weather
conditions (ILS Category III C) [69, 70]. The selected radar frequency, 94 GHz, provides a
pencil beam pattern despite stringent aperture size constraints and offers good image quality
at operational ranges in all weather conditions, including low cloud, snow, mist and fog.
The 94 GHz propagation window suffers from increased atmospheric attenuation in very
heavy rain but benefits from greater contrast between concrete and vegetation compared
to the 35 GHz propagation window. The ALG radar operates in ground mapping mode
when the airplane starts descending on the ILS glide slope, typically 180 m to 150 m above
ground and approximately 3 km from touchdown, as shown in Fig. 6.1. In order to image a
wide swath with a 15 m cross-track (azimuth) resolution, a 0.3◦ beam with a scanning range
of ±20◦ is required. Table 6.1 summarizes the desired specifications for a next-generation
ALG radar. Note that the free space wavelength λ0 at 94 GHz is 3.19 mm.
In this chapter, a novel 94 GHz orthogonal frequency division multiplexing (OFDM)
frequency scanning radar (FSR) concept is presented, which offers potential cost and size
reductions over the legacy design. A variety of phased array architectures [16, 71, 72, 12, 73,
74, 75, 76, 15] have initially been considered for a next-generation ALG radar and include









Figure 6.1: High resolution millimeter-wave imaging radars can assist pilots from a point
on the ILS glide slope, typically 180 to 150 m above ground level and approximately 3 km
from touchdown.
former and beam forming networks (BFNs) producing multiple spatially orthogonal beams.
A helical or serpentine waveguide-fed slot array that scans with frequency is selected
for following reasons: cost, environmental and shock tolerance, power handling, simplicity,
size. Frequency scanning is an old and established technique side-lined by the emergence of
the monopulse TTD beam formers which are wideband and allow angle detection with an
angular resolution that is a fraction of the beamwidth. Bandwidth is inversely related to
the pulse width of the radar waveform as well as to the pulse-limited slant range resolution.
The drawbacks of frequency scanning are decreased signal bandwidth and pulse-limited
slant range resolution compared to TTD beam formers and the inability to take advantage
of monopulse angle tracking techniques. However, at 94 GHz there is ample bandwidth
to fit a pulse-Doppler radar waveform that provides sufficient pulse-limited slant range
resolution. The availability of excess bandwidth allows the radar band to be divided into
subbands (channels) using OFDM as shown in Fig. 6.2. Each subband carries a “colored”
pulse-Doppler radar waveform for slant range and Doppler frequency shift detection and
corresponds to a certain scanning angle. In addition, all scanning angles are measured at
once, providing the pilot with an adequate refresh rate for the radar image. Note that legacy
FSRs employ frequency swept local oscillators to vary the RF frequency and sequentially
scan the beam.
OFDM divides the frequency spectrum into subbands small enough to allow for the chan-
nel transfer function to be assumed constant within a single subband. A subband software-
defined radar waveform (echo) is I/Q (de)modulated using, for example, m-ary quadrature
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Table 6.1: Desired specifications for a next-generation ALG radar
Specifications Acceptable Desirable
Aperture size 60 cm × 7 cm 45 cm × 7 cm
188 × 22 λ0 141 × 22 λ0
Half-power beamwidth, β AZ 0.3◦, EL 0.3◦ AZ 0.3◦, EL 0.3◦
Cost $30K $20K
Mean radiated power, Pm 0.5 W 2 W
Polarization Vertical Polarimetric
Maximum scanning angle ±20◦ ±45◦
Scanning angular resolution 0.3◦ 0.3◦
Slant range 3 km 6 km















fc = 6.85 GHz










Figure 6.2: OFDM is used in conjunction with frequency scanning to provide high-resolution
millimeter-wave imaging through low-cost and low-profile angle detection.
amplitude modulation (m-QAM). Fast fading effects1, which induce high Doppler spread,
disappear as they occur during the transmission of a single symbol.
Multi-carrier radar waveforms with favorable ambiguity function and peak-to-mean en-
velope power ratio (PMEPR) were introduced by Levanon and Mozeson in 2000 [77]. This
chapter envisions the use of OFDM in conjunction with frequency scanning to provide high-
resolution millimeter-wave imaging through low-cost and low-profile angle detection [78].
Indeed, the helical and serpentine waveguide-fed slot arrays are arguably among the cheapest
existing phased array architectures and offer size reductions over Cassegrain reflector based
1Fast fading induces a high Doppler spread. The coherence time is less than the symbol period. The
channel variations are faster than baseband signal variations.
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designs. In addition, single-chip RF CMOS radios for multiband OFDM (MB-OFDM), as
advocated by the WiMedia Alliance, will provide cost-effective half-duplex ultra-wideband
transceivers [79, 80, 81]. A waveguide-based cold-switched T/R module is to be inserted
between the OFDM transceiver and the helical or serpentine waveguide-fed slot array to
up-convert and amplify the transmitted radar waveform and to down-convert the echo after
reception with wide dynamic range. The inability to use monopulse techniques to increase
the angular resolution in the cross-track [82, 13] can be overcome by implementing adjacent
subband lobing, which is a technique similar to subpulse beam switching [83]. Adjacent
subband lobing interpolates the angular position by comparing the amplitude of echoes
received in adjacent subbands, which correspond to adjacent beams, after edge detection
filtering. Doppler beam sharpening (DBS) can be applied to synthetically increase the
off-nose along-track resolution as well [82, 84, 85].
6.2 Design
Six equations relate the design specifications of an FSR based on a uniformly excited
phased array. It is assumed that no pulse compression is used - i.e. the time bandwidth
product is equal to 1.





in which N is the number of array elements and d/λ0 is the element spacing relative
to the free-space wavelength at 94 GHz. For N = 32 and d/λ0 = 0.72, β is 2.82◦.
• The helical waveguide-fed slot array has 7 λg0 of electrical length s per turn, where
λg0 is the wavelength of the TE10 mode at 94 GHz, to allow ±20◦ beam scanning





















in which a = 2.54 mm is the width of the WR-10 waveguide aperture. The scanning
angle versus frequency is shown in Fig. 6.4.
• The relation between pulse-limited slant range resolution r and angular resolution or
half-power beamwidth β is given in [16]
BW ≤ β ∆f
256 sin θm
(6.4)
The maximum subband signal bandwidth BW is calculated for β = 2.82◦ and ∆f
= 4 GHz, which is the bandwidth over which the FSR scans out to ±θm. θm is
the maximum scanning angle and is equal to 20◦. The maximum subband signal
bandwidth BW that can be used is approximately 128.9 MHz, corresponding to a
pulse-limited slant range resolution of 1.16 m using r = cτ/2.





yielding 19.8 dBi. The directivity in the along-track (elevation), De, is assumed to
be 10 dBi. The 2-D directivity is related to the product of Da and De. Assuming an
array efficiency of 100% for now, the 2-D gain equals the 2-D directivity. Note that De
can be improved by connecting the helical waveguide-fed slot array to a continuous
transverse stub (CTS) array.
• The radar range equation is given by
R = 4
√
λ20 EIRP Gr/T σ
64π3 kB BW SNR
(6.6)
in which EIRP = GtPt = 47.577 MW, assuming an overall 2-D array gain Gr = Gt =
29.8 dBi and a peak transmit power Pt = 50 kW, and in which the target RCS, σ, is













Figure 6.3: Ansoft HFSS model. 32 Turns with varying slot width constitute the helical
waveguide-fed slot array.
At room temperature the range equation yields a maximum range detection up to
2.58 km.








in which the pulse repetition frequency (PRF) is 10 kHz, yielding a Pm = 2.58 W per
subband.
6.3 Components
6.3.1 Helical Waveguide-Fed Slot Array
A 94 GHz helical waveguide-fed slot array for wide-angle frequency scanning, as shown
in Fig. 6.3, is designed. Several trade-offs are made in the design of a waveguide-fed slot
array [87, 83, 88]:
• Standing-wave versus travelling-wave feeding: When the slots are equispaced
a distance s not equal to λg/2, and when the waveguide is terminated in a matched
load, the waveguide-fed slot array is said to be travelling-wave fed. While standing-
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Figure 6.4: Scanning angle versus frequency as extrapolated from single turn S21 measure-
ments.
Figure 6.5: Broad wall versus narrow wall slots (left) and linearly aligned versus overlapping
subarrays (right)
wave feeding allows for higher efficiency, its resonant impedance bandwidth drastically
reduces the ability to scan with frequency and limits the maximum scanning angle.
• Helical versus serpentine waveguide feeding: Helical waveguide feeds have larger
impedance bandwidth than serpentine waveguide feeds, but are not amenable to a two
dimensional array implementation.
• Broad wall versus narrow wall slots (see Fig. 6.5): The slots are milled from
the narrow wall in order to reduce the element spacing, d, and to allow wide-angle
frequency scanning in the E-plane without intrusion of grating lobes in the visible
region. Contrary to inclined broad wall slots, narrow wall slots cannot be assumed to
be lying in an infinite ground plane and an analytical model for prediction of radiation
characteristics is not available. However, the radiation characteristics of a rectangular
aperture in free-space with a uniform field distribution are a good approximation [89].
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• Slot alignment (see Fig. 6.5): The slots are linearly aligned in order to maximize
directivity and minimize beamwidth. Ordering the slots on two parallel overlapping
subarrays reduces mutual coupling at the expense of reduced directivity and increased
beamwidth.
• Slot width taper: The slot width is tapered in order to excite the waveguide-fed
slot array uniformly as uniform excitation minimizes the beamwidth. The slot width
is bound between 0.2 mm to 1.5 mm. The minimum manufacturable slot width is 0.2
mm and sets the radiated power per slot. At 1.5 mm the slot width attains resonant
length at 100 GHz.
• Copper versus stainless steel: The WR-10 waveguide wall thickness, as set by
the MIL-DTL-85/3BL specification, is 1 mm for copper or coined silver and 0.5 mm
for stainless steel. A stainless steel implementation reduces element spacing (d/λ0 =
0.72) with grating lobes entering the visible region when scanning beyond 20◦ from
the boresight above 96 GHz. However, stainless steel also attenuates the TE10 mode
more (17 dB/m) than copper (2.6 dB/m), yielding lower gain. Galvanization of the
inside of the helical waveguide-fed slot array is possible, but expensive.
The S-parameters of single helical waveguide turns with varying slot widths are simulated
with the Ansoft HFSS finite element method (FEM) package, as shown in Fig. 6.6. The
problem is electrically large and remains hard to solve by state-of-the-art workstations.
The FEM solver adaptively refines the mesh during every pass in order to converge to the
S-parameters. While amplitude convergence is observed and the S-parameters stated in dB
are trustworthy, phase convergence is not observed within feasible mesh complexity.
The performance of three helical waveguide turns with varying slot width (w = 0 mm,
1 mm and 1.5 mm) is verified experimentally. The S-parameters of the helical waveguide
turns are measured with an HP 85106D millimeter-wave network analyzer and are shown in
Fig. 6.7(a). The three |S21|(w) data points are compared with HFSS simulation results at
94 GHz, as shown in Fig. 6.7(b). Good agreement is achieved. Co- and cross-polarized gain
are derived from an S21 measurement using the gain-comparison measurement technique
and are shown in Fig. 6.8(a) and Fig. 6.8(b). It is observed that the gain, stated in dB,
regresses linearly on the slot width, whereas and the polarization purity increases with the
slot width. The measurement setup is depicted in Fig. 6.9.
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E FIELD H FIELDw
Figure 6.6: The E and H field distribution of the TE10 mode travelling through a single
helical waveguide turn with a 1.5 mm wide narrow wall slot are shown. Note the quasi-
uniform field distribution in the slot.
A recursive equation is derived to determine a slot width taper allowing uniform exci-
tation. Let T = |S21|2(w = 0mm) be the transmitted power fraction of a helical waveguide
turn without slot and let Rn = Pr/Pn be the radiated power fraction referring to the input
of turn n. Rn can be calculated recursively based on knowledge of T and an initial guess of




in which R1 = Pr/N . Fig. 6.7(b) is used as a lookup table for determination of the slot
widths wn once radiated power fractions Rn are calculated. The slot widths wn need to be
between 0.2 and 1.5 mm as discussed earlier and if necessary Pr needs to be adjusted.
Table 6.2 for an 8 turn helical waveguide-fed slot array, currently under construction at
Penn Engineering. Note that the above method does not allow for prediction of the effect
of mutual coupling on the scan impedance and proper working of the waveguide-fed slot
array remains to be validated experimentally.
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(a) Measured S-parameters of the helical waveg-
uide turns.
(b) The |S21|(w) data points are compared to
HFSS simulation results at 94 GHz.
Figure 6.7: Measured S-parameters of the helical waveguide turns.
(a) Co-polarized gain. (b) Cross-polarized gain.








Figure 6.9: Gain measurement of a helical waveguide turn with a 1.5 mm wide narrow wall
slot.
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Table 6.2: Rn and wn for an 8 turn helical waveguide-fed slot array (T = 91.20 % and R1
= 7.00 %).
R1 7 % w1 0.2 mm R5 14.95 % w1 1.2 mm
R2 8.25 % w1 0.9 mm R6 19.27 % w1 1.3 mm
R3 9.86 % w1 1.0 mm R7 26.88 % w1 1.4 mm
R4 12.00 % w1 1.1 mm R8 38.88 % w1 1.5 mm
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Figure 6.10: Mechanical drawing of the helical waveguide turns with varying slot width (w
= 0 mm, 1 mm and 1.5 mm).
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Figure 6.12: A 94 GHz T/R module with 2 GHz bandwidth is assembled based on commer-







T = 293 K
BW = 200 MHz
G = 8.3 dB
NF = 6.24 dB
IP3 = -10.65 dBm
SNR = 28.19 dB
DR = 79.29 dB
SFDR =  59.16 dB
IMD3 = -192.3 dBm
CIRCULATORCIRCULATOR
Figure 6.13: Block diagram and specifications of the receiver of the T/R module.
6.3.2 T/R Module
A 94 GHz T/R module with 2 GHz bandwidth is assembled based on commercial off-
the-shelf WR-10 waveguide components for short-range indoor concept validation, as shown
in Fig. 6.12. The design is optimized for peak transmit power (17.4 dBm) and spurious-free
dynamic range at the receiver side (59.16 dB). The receiver has a gain of 8.3 dB, a noise
figure (NF) of 6.24 dB and an input IP3 of -10.65 dBm. Other specifications are given in
Fig. 6.13. The assembled T/R module consists of two circulators, an LNA, a mixer and a
PA.
• Circulator: The Quinstar QJY-95023W circulator has an insertion loss of 1.6 dB
and an isolation of 35 dB.
• LNA: The Quinstar QLN-95024520-00 LNA delivers 20 dB gain. Its noise figure is
4.5 dB and its P1dB is -10 dBm at 94 GHz.
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Figure 6.14: The noise figure (RF to IF) of a prototype T/R module without LNA
• Mixer: The Millitech MXP-10-RSSSL balanced mixer has a conversion loss of 8.5 dB
and an IP3 of 3 dBm.
• PA: The Millitech AMP-10-02190 PA has 26 dB of gain over the 91 to 94 GHz
frequency range and its P1dB is 19 dBm.
The noise figure (RF to IF) of a prototype T/R module without LNA is measured and
shown in Fig. 6.14. Ideally, the T/R module should have 4 GHz of bandwidth to accom-
modate frequency scanning up to 20◦ from the boresight. Note that to achieve the range
requirements, a 25 kW pulsed klystron would be needed as well.
6.3.3 OFDM Transceiver
The OFDM radar waveform is implemented using an MB-OFDM chipset evaluation
board of one of the WiMedia Alliance members, such as the WisAir DV9110 UWB De-
velopment Kit. MB-OFDM utilizes 7.5 GHz of unlicensed spectrum from 3.1 to 10.6 GHz
allocated by the Federal Communications Commission (FCC) for UWB communication.
It divides the spectrum in 14 subbands of 528 MHz, which is the minimum instantaneous
signal bandwidth required by the FCC, as shown in Fig. 6.15. UWB transceivers are
furthermore half-duplex and compatible with pulsed radar operation. The OFDM radar
waveform could also be implemented using an Agilent E8267D PSG vector signal generator
which has an external I/Q modulation bandwidth of 2 GHz in order to demonstrate the

















Figure 6.15: MB-OFDM utilizes 7.5 GHz of unlicensed spectrum from 3.1 to 10.6 GHz
allocated by the Federal Communications Commission (FCC) for UWB communication. It












Figure 6.16: Beam sharpening is used to synthetically improve the angular resolution.
6.3.4 Radar Signal Processing
Millimeter-wave radar imagery suffers from a multitude of quality degradations, among
which poor contrast, angular resolution loss, motion-induced distortion and blurring, and
low SNR are the most troublesome. Temporal filters are used to reduce the scintillation
effect and beam sharpening is used to synthetically improve the angular resolution. The
along-track resolution is increased beyond real aperture beamwidth using DBS processing
which uses the Doppler frequency shift to range discriminate between echoes received in
the same range bin, as shown in Fig. 6.16. The cross-track resolution is increased beyond
real aperture beamwidth using adjacent subband lobing processing, which interpolates the
angular position by comparing the amplitude of echoes received in adjacent subbands, which
correspond to adjacent beams, after edge detection filtering. The edge detection filter
transforms the ground map from a distributed target to a constellation of point and line
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Figure 6.17: Distributed target to line target transformation (the right figure is an artist’s
rendition by NASA).
6.4 Discussion
To summarize, a list of all pros and cons (italic) is given for architectural choices made:
• Why FSR?
– A passive phased array implementation, requiring only one T/R module, allows
the use of high-power vacuum electronics devices (VEDs), like klystrons and
travelling-wave tube (TWT) amplifiers.
– There is no need for phase shifters or additional power combining (dividing)
networks.
– A stainless steel implementation allows 0.5 mm thick waveguide walls and dense
element spacing with grating lobes entering the visible region when scanning
beyond 20◦ from the boresight above 96 GHz.
– The beamwidth is related to the signal bandwidth, and hence the cross-track (az-
imuth) and pulse-limited slant range resolution are coupled resulting in an angle-
Doppler-range ambiguity function.
– Waveguide-fed slot arrays are not amenable to monopulse techniques.




– All scanning angles are measured at once, providing the pilot with an adequate
refresh rate of the radar image.
– Single-chip RF CMOS radios for multiband OFDM (MB-OFDM), as advocated
by the WiMedia Alliance, will provide cost-effective half-duplex ultra-wideband
transceivers.
– Freedom of choice in I/Q modulation and demodulation of a subband. Every
subband, containing an echoed pulse-Doppler waveform, can be 256 QAM de-
modulated for example.
• Why pulse-Doppler?
– Longer range than frequency modulated continuous wave (FMCW) radar through
usage of half-duplex T/R modules. Time-sharing of a single antenna for transmit-
ter and receiver. Frequency modulated interrupted continuous wave (FMICW),
though, allows half-duplex operation as well.
– The along-track resolution can be increased beyond real aperture beamwidth
using DBS processing.
– The cross-track resolution can be increased beyond real aperture beamwidth
using adjacent subband lobing.
– No pulse compression is used because it leads to coupling of range and Doppler
frequency shift and to a more ambiguous Doppler frequency shift detection. How-
ever, shorter pulses require a higher PMEPR in order to maintain the SNR.
• Why waveguide?
– Low-loss compared to printed circuit implementations, resulting in high antenna
gain and good receiver NF.
– Highest available transmit power (>25 kW) through usage of VEDs. High re-
ceiver input IP3.
– High EIRP or power-aperture product and high dynamic range which translates
to increased range detection.
– Wideband, the helical waveguide-fed slot array and the T/R module are WR-10
flanged and no mode conversions are made.
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– WR-10 waveguide components, such as circulators, limiters, LNA’s, mixers and
power amplifiers (TWT) are commercially available.
– Very broad environmental tolerances, shock and corrosion resistant without spe-
cialized packaging.
6.5 Conclusion
In this chapter, a novel 94 GHz orthogonal frequency division multiplexing (OFDM)
frequency scanning radar (FSR) concept for autonomous landing guidance (ALG) is pre-
sented, which offers potential cost and size reductions over the Cassegrain reflector based
legacy design. The concept has potential in the automotive market as the radar sensor for
77 GHz long-range autonomous cruise control (ACC) and forward collision warning systems
(FCWS) as well.
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A 2 to 40 GHz Probe Station Based Setup for On-Wafer
Antenna Measurements
A.1 Introduction
The characterization of printed electrically small antennas for centimeter-wave radios,
or printed array elements for millimeter-wave radars, poses several challenges for traditional
antenna ranges, such as the compact antenna test range (CATR) [90, 91, 92], the far field
and the near field antenna range [93, 94, 95, 96, 97]. Firstly, the aforementioned antennas
- henceforth referred to as antennas under test (AUTs), are often smaller than the inter-
connection solution of the antenna range. As such, the interconnection solution, whether a
coaxial connector or a waveguide flange, changes the aperture efficiency or self-impedance of
the AUT. Secondly, they are often fabricated on brittle semiconductor or dielectric wafers,
or multi-layer laminates, which cannot be readily packaged.
RF probing represents a small interconnection solution and obviates wafer dicing and
custom-made test fixtures. Probe-tip return loss measurements have become common prac-
tice but probe-tip radiation pattern measurements are rarely applied. Two far field radiation
pattern measurement techniques have been reported. The first technique uses an on-wafer
integrated power meter, such as a bismuth or tellurium micro-bolometer based envelope
detector [98, 99], or Schottky diode based envelope detector [100, 101]. In general, power
meters are sensitive to 1/f noise, and require the AUT to be matched to the power meter
and DC decoupled from it. In addition, an AUT with an on-wafer integrated power meter
cannot be used for return loss measurements. The second technique, probe-tip radiation





3.5 x 3.5 mm2
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λ/4 Stub
0.92 mm, 30°
Figure A.1: Optical microscopy imagery of the low-band AUT: 2.45 GHz electrically short
slot antenna (left), and the layout of the high-band AUT: 38 GHz aperture coupled mi-
crostrip antenna (right).
for on-wafer antennas fabricated in plurality, as it allows for measurement of the return loss,
gain and radiation patterns. In addition, the AUT is probed where it will be connected
to a transceiver IC later on, obviating the de-embedding of the measured data. Near field
sampling with an electro-optic probe [106, 107], and with an electrically small slot antenna
[108, 109] has been conducted as well.
A chronology of the prior art of far-field setups for probe-tip radiation pattern measure-
ments is tabulated in Table A.1. In contrast to [102, 103, 104, 105], this chapter discusses
a probe station based setup for on-wafer return loss and radiation pattern measurements
of bi-directionally and broadside radiating AUTs, with the RF probe and probe positioner
located in the measured half space. All aspects are discussed: the AUTs, the transmit
and gain reference antennas, the setup which is based on a probe station and a single-axis
positioner, return loss and radiation pattern measurements, and sources of error.
A.2 AUTs

















































































































































































































































































































































































































































































































A.2.1 Low-Band AUT: 2.45 GHz Electrically Short Slot Antenna
The low-band AUT is a 2.45 GHz electrically small slot antenna (λ0/35 × λ0/35, 3.5
× 3.5 mm2), shown in Fig. A.1. Miniaturization, which reduces the bandwidth or the
efficiency, is achieved through symmetric inductive loading of a very small slot section
[111]. It is fabricated on a low-loss fused silica wafer (εr = 3.78, h = 500 µm). It has
a simulated fractional bandwidth1 of 3.7% (90 MHz), and a directivity of 2.27 dBi. It is
difficult to accurately simulate the gain of an electrically small antenna because for inefficient
antennas, small variations in the return loss cause large variations in gain.
A.2.2 High-Band AUT: 38 GHz Aperture Coupled Microstrip Antenna
The high-band AUT is a 38 GHz aperture coupled microstrip antenna, as shown in Fig.
A.1. The patch is printed on a Rogers TMM3 substrate (εr = 3.3, h = 375 µm), which is
the frontside of the laminate. The feed, which includes a microstrip to CPW transition, is
printed on a 76.2 mm fused silica wafer (h = 250 µm), which is the backside of the laminate.
Only the backside gain is measured; the frontside gain could be measured with an on-wafer
integrated power meter. The high-band AUT has a simulated fractional bandwidth of 5%
(2 GHz), a frontside gain of 6.4 dBi and a backside gain of -7 dBi.
A.3 Transmit & Gain Reference Antenna
The transmit antenna is attached to the single-axis positioner and illuminates the AUT
while being moved along a hemispherical cut around the probe station. Important param-
eters of the transmit antenna are the G/R2FF factor, in which G is the gain and RFF is the
far field distance, the beam solid angle, Ω, and the weight. A large G/R2FF factor increases
the sensitivity. A well-aligned transmit antenna with small beam solid angle minimizes
forward scattering of nearby objects. Forward scattering causes multipath induced fading.
Low weight reduces the torque on the drive gear of the single-axis positioner. The three





in which e is the efficiency and λ is the wavelength in free space. RFF is defined as:














Upon investigation of equations (A.3)-(A.2), it can be appreciated that a trade-off is to be
made between the G/R2FF factor, and the weight, and Ω - i.e. an antenna with a large
G/R2FF and low weight, has a low Ω, and vice versa.
A.3.1 Low-Band: 2.45 GHz Microstrip Antennas
The low-band transmit and gain reference antennas are identical 2.45 GHz edge-recessed
microstrip antennas, printed on Rogers RT/Duroid 5880 substrate (εr = 2.2, h = 3.175
mm). Microstrip antennas are light-weight and well-suited for use as transmit antennas at
lower frequencies, due to the payload weight constraint of the single-axis positioner. The
measured fractional bandwidth is 2.4% (60 MHz) and the measured gain at broadside is 7.0
dBi. The G/R2FF factor is 5140 m
−2, the beam solid angle is 2.5 sr, and the weight is 115
g.
A.3.2 High-Band: WR-28 Standard Gain Pyramidal Horns
The high-band transmit and gain reference antenna are identical WR-28 standard gain
pyramidal horn (SGH) antennas from Millitech with a gain of 24 dBi. The G/R2FF factor
is 174 m−2, the beam solid angle is 0.05 sr, and the weight is 303 g.
The transmit and gain reference antennas could also be substituted for a 2.45 GHz
circularly-polarized microstrip antenna or a tooth spiral antenna, or a WR-28 scalar feed
horn in combination with a WR-28 orthomode transducer, in order to measure a circularly-























Figure A.2: Probe station based setup for on-wafer antenna measurements.
A.4 Setup
The setup is depicted in Fig. A.2(a)-(b). The probe station and the single-axis po-
sitioner are mounted on optical tables, contained in a small anechoic chamber based on
ETS-Lindgren EHP-24PCL absorber. The probe station is an Alessi RHM-05, equipped
with a Nikon 142268 microscope with 30× optical magnification, which is removed during
measurements. The on-wafer AUT is placed on top of a cavity filled with Emerson & Cum-
ing ECCOSORB GDS cavity resonance absorber, which is used instead of the probe station
vacuum chuck, as shown in Fig. A.3. The E- and H-plane radiation pattern measurements
require different probe holders. The probe holder is placed at one side of the probe station,
making the setup slightly asymmetric.
The single-axis positioner is a Camera Turret PT-20, based on a Maxon coreless DC mo-
tor. Coreless DC motors have a rotor without a permanent magnet, leading to shorter me-
chanical time constants and less vibration during antenna measurements. A high-accuracy
following pod is meshed to the drive gear for angle determination. Unlike a stepper or












Figure A.3: Laminate with high-band AUTs (top). Setup for measurement of return loss
& input impedance (bottom).
even when it is reset. The weight of the transmit antenna is counter balanced with an
adjustable weight at the opposite side, to eliminate the torque, as shown in Fig. A.2(b).
The arm can be extended to 1.5 meter to assure that the AUT is in the far-field of the
transmit antenna. Laser alignment is used to align the AUT and the transmit antenna and
to assure that the AUT is centered around the rotation axis of the single-axis positioner, in
order to maintain a constant distance between AUT and transmit antenna during radiation
pattern measurements.
The frequency range of operation of the setup is 2 to 40 GHz and is bounded by the
necessity to satisfy far-field conditions and the maximum operating frequency of the RF
probe, the cables, and the equipment.
A.5 Measurements
A.5.1 Return Loss
The AUT is connected to port 1 of a vector network analyzer by a ground-signal-
ground probe (Picoprobe 40A-GSG-150-C). A probe-tip short-open-load (SOL) calibration
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Agilent VEE Pro 7.5 script
controls single-axis positioner
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Signal generator
PA
Figure A.4: Setup for measurement of radiation patterns.
(a) Low-band AUT. (b) High-band AUT.
Figure A.5: Simulated and measured |S11| results
domain gating is used to avoid reception of echoes during return loss measurements. The
low-band AUT has a measured fractional bandwidth of 4.3% (106 MHz) at the design
frequency of 2.45 GHz, and the high-band AUT has a fractional bandwidth of 7.8% (3
GHz) at the design frequency of 38 GHz. Simulated and measured results are compared in
Fig. A.5(a)-(b) for the low-band and high-band AUT, respectively. The results are in good
agreement.
A.5.2 Radiation Patterns
The radiation patterns are measured with the AUT in receive mode. The transmit
antenna is mounted on a single-axis positioner while satisfying the far-field region condition
(R = 1 m for the low-band transmit antenna and 1.2 m for the high-band transmit antenna).
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The choice between a vector network analyzer setup and a spectrum analyzer setup
depends on the bandwidth and the gain of the AUT. The vector network analyzer setup
can only take advantage of S21 time domain gating for avoidance of multipath induced
fading if the AUT is sufficiently wideband. In addition, the vector network analyzer setup
requires the AUT to have a gain higher than 0 dBi, because of the limited dynamic range
which is typically 30 dB to 40 dB after calibration. If the AUT has low gain and if the
dynamic range becomes an issue, then a spectrum analyzer setup is recommended. In a
spectrum analyzer setup, as shown in Fig. A.4, the transmit antenna is connected to a
signal generator or a vector network analyzer operating in continuous wave (CW) mode,
and the AUT is connected to a spectrum analyzer. The gain is calculated by replacing the
AUT by a reference antenna with known gain.
Vector Network Analyzer Setup
Gain is derived from the measured S21 using the Friis transmission formula. Note that
the transmit antenna is connected to port 2 of the vector network analyzer, after coaxial
SOL calibration and S21 time domain gating is used to avoid fading due to multi-path during
transmission measurements. The absolute-gain measurement technique is used to determine
the gain of the identical low-band and high-band transmit (GT ) and reference (GREF )
antennas [89, 112]. The vector network analyzer setup is used after coaxial calibration at
transmit and receive side.








) + 20 log10 (|S21|)
]
(A.4)
The measured gain of the the low-band transmit and reference antenna is 7.0 dBi at
broadside. The measured gain of the high-band transmit and reference antenna is 24 dBi
at 38 GHz.
Spectrum Analyzer Setup
The gain of the low-band AUT and the backside radiation gain of the high-band AUT
are anticipated to be low and in the order of 0 to -20 dBi. A spectrum analyzer setup is
therefore used to accommodate increased dynamic range. The gain-comparison measure-
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(a) Low-band AUT. (b) High-band AUT.
Figure A.6: Measured radiation patterns
ment technique is used to find the gain of the AUT [89, 112]. The technique utilizes the
reference antenna as a gain standard to determine the gain of the AUT, using




in which PAUT is the received power through the AUT, and PREF is the received power
through the gain reference antenna.
The co-polarized radiation patterns of the low-band AUT are measured with and without
Emerson & Cuming ECCOSORB LS 24 absorber covering the probe holder, as shown in
Fig. A.6(a), in order to study the effect of multi-path induced fading. The E-plane radiation
pattern suffers from more amplitude ripple than the H-plane radiation pattern because the
E-plane probe holder is closer to the AUT than the H-plane probe holder. It is concluded
that the forward scattering from nearby objects such as the RF probe and probe holder,
is the primary source of error. The measured gain at broadside, derived from the covered
probe H-plane measurement is -15 dBi, which corresponds to a radiation efficiency of 2.4%.
The cross-polarized radiation patterns could not be measured because the received power
is below the sensitivity of the probe station.
The measured backside co-polarized gain of the high-band AUT at broadside is 0 dBi,
which is 6.4 dB less than the front side radiation. The measured backside cross-polarized
gain at broadside is -10 dB. The results are shown in Fig. A.6(b).
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Sources of Error
Sources of measurement error are related to gain calibration, insufficient dynamic range,
misalignment between AUT, transmit antenna and rotation axis of the single-axis positioner,
forward scattering from the RF probe and probe positioner, and vibration:
• Gain Calibration: Since the reference antennas have a coaxial connector, the ad-
ditional loss of the microwave probe must be taken into account in order to achieve
an accurate gain measurement at the probe tips. The insertion loss of coplanar mi-
crowave probes is characterized by the vendor before shipment to the customer. The
measured gain is therefore augmented with 0.25 dB at 2.45 GHz and 0.75 dB at 38
GHz. The 0.3 dB insertion loss of the HP R281A WR-28 waveguide to 2.4 mm adapter
is subtracted from the measured gain.
• Dynamic Range: The low-band sensitivity of the setup is limited by SMA coaxial
cable leakage through its braided sheath, and sets a lower boundary for measurement
of the cross-polarized radiation patterns. The measured sensitivity is -25 dBi. The
dynamic range could be increased by using a power amplifier in the transmit path, or a
low noise amplifier or lock-in amplifier in the receive path. The high-band sensitivity of
the setup is limited by thermal noise. Note that high-end 2.92 mm coaxial cables from
Gore-Tex and Micro-Coax are used. The dynamic range is increased substantially by
adding the Hughes 8001H TWT power amplifier in the transmit path, with a minimal
output power of 1 W over the Ka-band. Usage of a power amplifier at Ka-band
is necessary to overcome path loss and measure the radiation patterns of low-gain
antennas or the nulls and the side-lobes of antenna arrays.
• Misalignment: Angular misalignment between the AUT and the transmit antenna
leads to polarization loss (gain), during measurement of the co-polarized ( cross-
polarized ) radiation patterns, and is avoided.
• Scattering: The field of view of the setup, which is ± 40◦ from broadside in the
principal planes, is primarily limited by forward scattering of nearby objects such
as the RF probe and the probe holder. It also changes the self-impedance and the
aperture efficiency of the AUTs. Forward scattering could be improved by reducing
the forward radar cross section (RCS) of these objects, for example by covering the
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surfaces of obstacles with high quality microwave absorbing tape, such as the Emerson
& Cumming ECCOSORB FDS/FF6M, or with ferrite-loaded paint. Geometrical
theory of diffraction (GTD) and physical theory of diffraction (PTD) solvers, such as
EFIELD or FEKO, could be used to study the effect of the forward scattering and
shadow radiation from nearby objects on the radiation pattern.
Given the measurement uncertainty, a statistical approach is used for estimation of
the measurement accuracy. The average, µG, and standard deviation, σG, of the gain
within an angular window of 10◦ from broadside in the principal planes are calculated,
as shown in Fig. A.6(a)-(b). σG is an indicator for the measurement error caused by
the frequency-specific cyclic angular variation of the gain due to forward scattering
from the RF probes and probe positioner.
• Vibration: Vibration of the optical table through movement of the single-axis posi-
tioner displaces and wears off the coplanar microwave probe. The single-axis positioner
is therefore installed on a separate platform.
A.6 Conclusion
A probe station based setup is described for on-wafer return loss and radiation pattern
measurements of bi-directionally and broadside radiating AUTs, with the RF probe and
probe positioner located in the measured half space. The primary source of error is the
forward scattering from nearby objects such as the RF probe and probe holder, which
causes a frequency-specific angular variation of the measured gain. The standard deviation
ranges between 0.69 to 2 dB along broadside direction. Forward scattering also affects the
self-impedance and the aperture efficiency of the AUTs, and it could be reduced by reducing
the forward RCS of the RF probe and probe holder.
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Appendix B
A 2.45 GHz Electrically Small Slot Antenna
B.1 Introduction
Electrically small antennas have gained more attention because of an increased demand
for miniaturized short-range wireless communication systems. Contemporary multi-band
transceivers have stringent size restrictions and miniature antennas are needed to allow for
dense packaging while maintaining low mutual and parasitic coupling [113, 114, 115]. In-
tegration of antennas on-chip through the system-on-a-chip (SoC) approach, or on-package
through the system-in-a-package (SiP) approach, reduces overall cost as well.
Fundamental limitations of electrically small antennas have been explored previously
[116, 117, 118, 119]. Miniaturization increases the Q factor of the antenna, reduces the
antenna efficiency, and makes the matching network complex and lossy. Examples of minia-
turization techniques include meandering of the wire antenna, reactive loading [111], and
usage of composite left- and right-handed metamaterials [120] and substrates with high
dielectric constants.
The 2.45 GHz electrically small slot antenna, shown in Fig. B.1, is a continuation of the
work presented in [111], where following modifications have been made: firstly, the antenna
is scaled from λ0/20 at 300 MHz to λ0/35 at 2.45 GHz. Secondly, the critical dimension
of the antenna is reduced from 500 µm to 15 µm, requiring micro-fabrication techniques.
Thirdly, in order to ease the fabrication, the antenna is redesigned to be uniplanar, with a
capacitively-coupled 15/170/15 µm coplanar waveguide (CPW) feed instead of a proximity
coupled microstrip feed. Due to the uniplanar nature of the antenna, the effective aperture























Figure B.1: CAD imagery of the 2.45 GHz electrically small slot antenna with a metal
thickness of 2000 Å (top), equivalent lumped circuit model (bottom)
characterization of the antenna, which is too small to be connectorized, is challenging, and a
probe-station based setup for on-wafer antenna measurements is used to measure the return
loss and gain.
B.2 Design
Miniaturization is achieved through symmetric inductive loading of an electrically small
slot section. In order to ensure inductive loading, the length of the spiral slot lines must be
less than a quarter wavelength. Usage of two inductive spiral slot lines in series, at both
sides of a slot section end, allows for increased inductive loading and a further reduction
in size. In addition, the magnetic currents flowing in opposite directions cancel out along
the principal planes. Mutual coupling within the spiral slot lines reduces the effective
inductance, and therefore, a longer unfolded spiral slot line length is needed compared with
a straight slot line, in order to achieve the desired inductance. In order to decrease the
self-inductance, a narrow slot width must be chosen for the spiral slot line.
Center-fed electrically small slot antennas have a low radiation conductance at the first
resonant frequency and are therefore difficult to match to a 50 Ω transmission line. The
resonant frequency of the inductively loaded slot section is therefore designed for a resonance
frequency slightly higher than 2.45 GHz, making the antenna slightly inductive at the feed
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Table B.1: Equivalent lumped circuit model parameters
2000 Å 5000 Å
Coupling Capacitance, Cs 118.502 fF 115.2 fF
Parallel Capacitance, Cp 34.7 fF
Parallel Inductance, Lp 27.8 nH
Parallel Resistance, Rp 3.7 kΩ 4.3 kΩ
point. An integrated interdigital capacitor is used to capacitively match the antenna to a
50 Ω CPW without the use of an external matching network. While CPW feeding reduces
the effective aperture of the antenna, it allows the antenna to be fabricated using a single
lithography step and hence eases fabrication. As confirmed by method of moment simulation
and measurement results, the antenna does not require an air bridge or bond wire across
the CPW to suppress excitation of the odd mode in the CPW.
B.3 Fabrication
The antenna is fabricated on a low-loss fused silica wafer (εr = 3.78, h = 500 µm, tan δ =
0.0002) and is defined through a back-etch of a golden metal film. The bandwidth and gain
of the antenna, as well as some of the parameters of the equivalent lumped circuit model,
tabulated in Table B.1, are found to be a function of the metal thickness, t, which is fraction
of the skin depth, δ, due to fabrication constraints. In the Michigan Nanofabrication Facility
(MNF), the evaporated metal thickness, t, is limited to 5000 Å, which is 31.5% of the skin
depth, δ, at 2.45 GHz. The resistivity of gold, ρ, is 2.44 µΩ cm and the skin depth, δ, is






of a 2000 Å and 5000 Å film is therefore 0.13 Ω/2 and 0.0569 Ω/2 respectively at 2.45
GHz. The limited thickness increases the losses, and the gain is measured for two designs
optimized for two different metal thicknesses: 2000 Å and 5000 Å, in order to study the
effect of metal thickness on the bandwidth and the gain. The design requires the interdigital
feed capacitance, Cs, to be decreased as the metal thickness, t, is to maintain a good match.
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Evaporation is used for two reasons: First, the input impedance of an electrically small
antenna is very sensitive to the RF sheet resistance, Rs, of the film, which is inversely related
to its achieved thickness. The deviation between achieved and desired thickness is a few Å for
evaporation, while it is thousands of Å for electroplating1. Secondly, electroplating would
require two lithography steps and induce alignment errors. Note that the critical dimension
of the design is 15 µm.
B.4 Measurements
The on-wafer electrically small slot antennas, henceforth referred to as antennas under
test (AUTs), are measured with a probe station based setup [60], which eliminates the need
for wafer dicing, custom-built test fixtures and de-embedding of the measured data.
A 0.5 to 6 GHz probe tip short-open-load (SOL) calibration is performed and the return
loss of the AUTs is measured. The 2000 Å AUT has a measured fractional bandwidth of
6.1% (150 MHz), and the 5000 Å AUT has a measured fractional bandwidth of 4.3% (106
MHz) at the design frequency of 2.45 GHz. Lumped circuit model simulation results, fitted
to the measurement results, method of moments simulation results, and measurement results
are compared in Fig. B.2(a) and Fig. B.2(b), and are in good agreement.
The co-polarized radiation patterns in the principal planes are measured by rotating the
wafer over 90◦ and using an E- or H-plane probe holder. The co-polarized radiation patterns
are then remeasured with probe holders covered with absorber, in order to study the effect
of multi-path induced fading on the gain measurement. Note that the received power is
below the sensitivity of the probe station based setup for the cross-polarized radiation
patterns. The co-polarized radiation patterns for both AUTs are shown in Fig. B.2(c)
and Fig. B.2(d). It is observed that the E-plane radiation patterns are less smooth and
trustworthy than the H-plane radiation patterns. This is due to the fact that the bulk of
the E-plane probe holder is closer to the AUT than the H-plane probe holder, obstructing
the line-of-sight, as pointed out in [60]. The measured gain at broadside, derived from
the H-plane measurements in which the probe is covered with absorber, is -18 dBi for the
2000 Å AUT and -15 dBi for the 5000 Å AUT. This corresponds to a radiation efficiency
of 0.86% and 1.6%, with the remaining 99.14% and 98.4% of the power being dissipated in
1The Cu-Damascene process of IBM allows for accurate control of the back-end metal thickness up to 4
µm, while maintaining vertical sidewalls [122].
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(a) S11 of the 2000 Å AUT (b) S11 of the 5000 Å AUT
(c) Co-polarized radiation patterns of the
2000 Å AUT
(d) Co-polarized radiation patterns of the
5000 Å AUT
Figure B.2: Probe station based on-wafer measurements
the loss resistance. Imagine dividing up the AUT in squares and multiplying the amount
of squares with the RF sheet resistance, Rs; it intuitively explains the high loss resistance
of the antenna.
B.5 Discussion
The measurement results are summarized in Table B.2. A measured gain of -15 dBi
for the 5000 Å AUT does not violate the theoretical Wheeler-Chu-McLean upper limit and
compares to state-of-the-art published results [114, 115]. The theoretical Wheeler-Chu-
McLean upper limit for the gain of an electric dipole is given by [117, 118, 119]:
102
Table B.2: Summary of measured results
2000 Å 5000 Å
BW3dB (MHz) 550 362.5
BW10dB (MHz) 150 106
fr (GHz) 2.45 2.475
GMEASURED (dBi) -18 -15
Q 4.5 6.8











(k a << 1) (B.2)
where ηe is the radiation efficiency of the antenna, a is the radius of the smallest sphere
that encloses the electrically small antenna, and k is the wavenumber. Losses increase
the bandwidth and decrease the Q factor. With Q = fr/BW3dB = 6.8, the theoretical
Wheeler-Chu-McLean upper limit for the gain of an λ0/35× λ0/35 electrically small antenna
becomes -9.6 dBi. Regression of bandwidth and gain on metal thickness indicates that a
metal thickness of more than 2 µm will decrease the bandwidth to 75 MHz and increase
the gain to -12 dBi.
B.6 Conclusion
A 2.45 GHz electrically small slot antenna (λ0/35 × λ0/35, 3.5 × 3.5 mm2) with a
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